._1?\1%*“
i‘é%u wwh' -
! - |

ey 5o

% maﬁ'ka.ﬂ},r

-r 4- -
i"’i -t‘,. 'In:m:rr_ -n_-_|f ﬁ
-




D
T

ens

Edited by

or

Bl



Sensor Technology Handbook



This page intentionally left blank



Sensor Technology Handbook

Editor-in-Chief
Jon S. Wilson

RO AMSTERDAM e BOSTON e HEIDELBERG ¢ LONDON
. NEW YORK e OXFORD e PARIS ¢ SAN DIEGO
rﬁ; = SAN FRANCISCO e SINGAPORE ¢ SYDNEY ¢ TOKYO

ELSEVIER Newnes is an imprint of Elsevier Newnes




Newnes is an imprint of Elsevier
30 Corporate Drive, Suite 400, Burlington, MA 01803, USA
Linacre House, Jordan Hill, Oxford OX2 8DP, UK

Copyright © 2005, Elsevier Inc. All rights reserved.

No part of this publication may be reproduced, stored in a retrieval
system, or transmitted in any form or by any means, electronic,
mechanical, photocopying, recording, or otherwise, without the prior
written permission of the publisher.

Permissions may be sought directly from Elsevier’s Science & Technology
Rights Department in Oxford, UK: phone: (+44) 1865 843830, fax: (+44)
1865 853333, e-mail: permissions @elsevier.com.uk. You may also com-
plete your request on-line via the Elsevier homepage (http://elsevier.com),
by selecting “Customer Support” and then “Obtaining Permissions.”

@ Recognizing the importance of preserving what has been written,
Elsevier prints its books on acid-free paper whenever possible.

Library of Congress Cataloging-in-Publication Data
(Application submitted.)

British Library Cataloguing-in-Publication Data
A catalogue record for this book is available from the British Library.
ISBN: 0-7506-7729-5

For information on all Newnes publications visit our Web site at:
www.books.elsevier.com

04 05 06 07 08 09 10987654321

Printed in the United States of America



Contents

=3 - Tl = RN ix
CHAPTER 1: Sensor FUNAameNntals.............ccccoeeeerecrmmmsscssnnsssssnnsssssssnssssssssnnssssssnnnes 1
1.7 Basic SeNSOr TEChNOIOGY .....vvviiiiiiiie e 1
1.2 SENSOT SYSTOIMS ...t 15
CHAPTER 2: Application Considerations ...............ccccoeevcemeecseesscsmscssseecscescsseessns 21
2.1 SENSOr CNArACEIISTICS . .eei ittt 22
2.2 SYStEM CharaCteriSTICS ..oiivviiiie ettt 22
2.3 INSTrUMENT SEIECHION ....oiiiiiiii e 23
2.4 Data Acquisition and REAAOUT .........oiiiiiiiiiiiii e, 26
2.5 INSTAllATION Lo 26
CHAPTER 3: Measurement Issues and Criteria............ccccooueeeseercsmsecsseecscnncsieensns 29
CHAPTER 4: Sensor Signal Conditioning .............cccecceeeveemeecseesscsescecee s cssseessns 31
4.1 Conditioning Bridge CIrCUITS .....oiiiiiiiiieis it 31
4.2 Amplifiers for Signal ConditioNiNg ..........ooviiiii i 45
4.3 Analog to Digital Converters for Signal Conditioning.............ccccoovviiiiiiiiiii e 92
4.4 Signal Conditioning High Impedance SENSOrs ...........cooocviiiiiiiiiiiiiiieie e 108
CHAPTER 5: Acceleration, Shock and Vibration Sensors............ccccccecvvcecnercennn. 137
ST INETOAUCTION L.ttt 137
5.2 Technology FUNDamMENTalS .........ooiiiiiiiiiiiie e, 137
5.3 Selecting and Specifying ACCeIEromMEters ............coiviiiiiiieciie e 150
5.4 Applicable STandards .........ooooiiiiiiii 153
5.5 Interfacing and DESIGNS ... ...ooviiiiiiee e 155
CHAPTER 6: BiOSENSOIS......ccemmeeieisscisssnnnnnnssssssssssssnnnnssssssssssssssnnssssssssssssssnssnssssssssssn 161
6.1 Overview: What IS @ BIOSENSOI? .....cooiiiiiiiiiiiiiiiee e, 161
6.2 Applications Of BIOSENSOIS ..........iiiiii e, 164
6.3 OFgin OF BIOSENSOIS ... ...iieieeeeee e, 168
6.4 Bioreceptor MOIBCUIES ........oiiiiiiie e, 169
6.5 Transduction Mechanisms iN BIOSENSOIS .......c.uuviiiiiiiiii e, 171
6.6 Application Range Of BiOSENSOIS ... ....cciuviiieiieeeeie e, 173
6.7 FUTUIE PrOSPERCTS .ot 177



Contents

CHAPTER 7: CREMUCAl SE@NSOIS.......eeeeiieeeniisisainnisssssnnesssssssnsssssssssssssssnnssssssnnssssas 181
7.1 Technology FUNAamentals ...........ooiiii e, 181
7.2 APPICATIONS .. 188
CHAPTER 8: Capacitive and Inductive Displacement S€Nsors............cccccevrnnrnnas 193
8.1 INTrOAUCTION L. 193
8.2 CaAPACITIVE SENSOIS ...ttt ettt 194
8.3 INAUCHIVE SENSOTS ... ittt 196
8.4 Capacitive and INductive SENSOT TYPES .. ..oiiiiiiiiiiieiii e 198
8.5 Selecting and Specifying Capacitive and Inductive SeNSors...........ccooeeviiiiiiiicenenn, 200
8.6 Comparing Capacitive and INAUCHIVE SENSOIS .........coiiiiiiiiiiii e 203
8.7 APPIICATIONS .. 204
8.8 Latest DeVEIOPMENTS ... . 221
8.9 CONCIUSION ... ettt 222
CHAPTER 9: ElectromagnetiSm in SENSiNG .........cccccvmmeerevsmmemssissmemsssissesnssssssnnssssas 223
9.1 INTrOTUCTION ..t 223
9.2 Electromagnetism and INAUCTANCE ....oouiiiiiiiii e 223
9.3 SeNSOr APPHCALIONS ... 226
9.4 MagnetiC FIeld SENSOIS ... it 232
9.5 SUMIMIAIY .ottt 235
CHAPTER 10: FIowW and LEVEl SENSOIS.........ccccruerevivsemneirsinnnssscssssnssssssssssssssssnssssns 237
10.1 Methods for Measuring FIOW..........oociiiiiii i 237
10.2 Selecting FIOW SENSOTS ....oveiiiiiie e 246
10.3 Installation and MaintenanNCe............oiiiiiii e 247
10.4 Recent Advances in FIOW SENSOTS .......ouiiiiiiiiii e 249
10.5 LOVEI SENSOIS ...t 250
10.6 Applicable Standards....... ..o 254
CHAPTER 11: Force, Load and Weight SENSOrS .........cccccvememrvcrmemrssissnnnsssssnnnnsneas 255
TT T INTrOTUCHION L. 255
17.2 QUANZ SENSOTS ..ttt 255
11.3 SErain GAgE SENSOIS ....veiiiiii ittt 262
CHAPTER 12: HUMIAItY SENSOIS .....eeeeeveeenicscseinnissisesnessssssnsssscsssssssssssnnssssssnnssnas 271
120 HUMIAIY oo 271
12.2 Sensor Types and TeChNOIOGIES .........coiuiiiiiiii e 271
12.3 Selecting and Specifying Humidity SENSOrS ........cccooiiiiiiiiiiiii i 275
12.4 Applicable Standards...... ..o 279
12.5 Interfacing and Design Information ..........cccoooiiiiiiiiii 280
CHAPTER 13: Machinery Vibration Monitoring SENSOIS ........cccccucvvureerersisnnnnenaas 285
130T INTrOTUCHION L. 285
13.2 Technology FUNAamentals ..o 288
13.3 ACCEIEIOMETET TYPES ... ettt 291
13.4 Selecting Industrial ACCElEroMEterS. ........iiiiiii e 294
13.5 Applicable Standards...... ..o 303

vi



Contents

13.6 Latest and Future DeVeIOPMENTS . ....cooiiiiiiiiii e 304
13.7 SENSOr MaNUFACTUIEIS. ... .ot 304
13.8 References and RESOUITES. .. ... ittt 305
CHAPTER 14: Optical and Radiation S@NSOIS ...........cccueeeeeemmsscssnssssissennssssssnnssssns 307
1.1 PROTOSENSOIS ...ttt ettt 307
14.2 Thermal Infrared DEtECLONS ....o..iiiiiiii e 317
CHAPTER 15: Position and MOTiON SENSOIS..........ccceceuresssssnnmssessnsssssssennssssssnnnsssns 321
15.1 Contact and Non-contact POSItION SENSOIS .........eiiiiiiiiiiiiice e 321
15.2 String Potentiometer and String Encoder Engineering Guide...............ooceeieiiiinenn, 370
15.3 Linear and Rotary Position and Motion SENSOrS............ooiiiiiiiiiiiiiieeccieeee e 379
15.4 Selecting Position and Displacement TransdUCErS ............coivvviiiiiiiiiieeiiiiiicee e 401
CHAPTER 16: PreSSUIE SENSOIS......cccereireeiseimssssssssssssssssssmsssmsssssssssssssssmssmssssssssssssss 411
16.71 Piezoresistive Prassure SENSING ... ....iii it 411
16.2 PieZOElECHIIC PreSSUI® SENSOTS ......eevseeeeiie ettt 433
CHAPTER 17: Sensors for Mechanical SNOCK ............cccuveeeeemmsscssnssssissennssssssnnnsnns 457
17.1 Technology FUNAamENtals .........cc.eeiiiiiiiiiie e 457
17.2 Sensor Types, Advantages and Disadvantages.........cc..eeeeiiiiiiieiiiiiiieeeiiiiieee e 459
17.3 Selecting and SPeCITYING .......oiiiiiii e 461
17.4 Applicable StandardsS............oiiiiiii e 473
17.5 Interfacing INformation...........oooiii e 474
17.6 Design Techniques and Tips, With EXamples...........coooiiiiiiiiiiiiiee e 478
17.7 Latest and Future DeVEIOPMENTS . ....cooiiiiiiiiei i 480
CHAPTER 18: Test and Measurement MiCrophoONEs ...........cccceevuervscrsennssssssnnnsnsas 481
18.1 Measurement Microphone CharacteristiCs ...........ooiiiiiiiiiiiiii e 481
18.3 Traditional Condenser Microphone DesigN...........coiiiiiiiiiiiiiieie e 483
18.4 Prepolarized (or Electret) Microphone DesSign .........cc.ocovviiiiiiieiiic e 484
18.5 FrequeNCY RESPONSE ..o 484
18.6 Limitations on Measurement RANGE..........ooiiiiiiiiiiiiiiees e 490
18.7 Effect of Environmental CoNditionS..........oouiiiiiiiii e 491
18.8 Microphone Standards ...........oooiuiiiiiiiiie e 492
18.9 Specialized MIiCroPhONE TYPES. ... .uviiiiiiiiiieee e 494
18.10 CaliBration .....eee e 497
18.11 Major Manufacturers of Test and Measurement Microphones.............c....ccccoeeen... 499
CHAPTER 19: Strain GaAgeS........ccceecesssmmmmmmmmsssssssssssensssssssssssssssnnssssssssssssssnssssssssssssan 501
19.7 INtroduction 10 STraiN GAGES........vviiiiiiiiiie et 501
19.2 Strain-Gage Based MEaSUIEMENTS ......c.vvviiiiiiiiiiie e 511
19.3 Strain Gage Sensor INStallations..........oovviiiiiiii e 522
CHAPTER 20: TeMPErature SENSOIS .......cccuuummmmmmmmmmmmmmmmmmmmmmmmmmmmsmmsssssssssssssssssssssssss 531
20.1 Sensor Types and TeChNOIOGIES .. ..ccoiiviiiiieiiie e, 531
20.2 Selecting and Specifying Temperature SENSOIS ..........ccovviiiiiieieieeceieeeeee e, 535

vii



Contents

CHAPTER 21: Nanotechnology-Enabled S€NSOrs ..........cccooeevveveemivsiruennsssiannnnnns 563
211 POSSIDITIES ... 564
212 REAIIES ... 566
21,3 APPHCATIONS L. 567
2304 SUMIMAIY .ottt oottt 571

CHAPTER 22: Wireless Sensor Networks: Principles and Applications............... 575
22.1 Introduction to Wireless SeNsor NEtWOIKS..........cooviiiiiiiiiiiiicceeeceee e, 575
22.2 Individual Wireless Sensor Node ArchiteCture............coooviiiiieiiiiiiieecee e, 576
22.3 Wireless Sensor Networks ArchiteCture .......c...ooooiiiiiiiiiiiccece e, 577
22.4 Radio Options for the Physical Layer inWireless Sensor Networks ..............c.....c........ 580
22.5 Power Consideration in Wireless Sensor NetwWorks.........coc.voieviiiiiieiiiiiieiiccecee, 583
22.6 Applications of Wireless Sensor Networks oo 585
22.7 FUtUre DeVelOPMENTS. ..ot 588

APPENDIX A: Lifetime Cost of Sensor Ownership..........coceccceeveeeecerenscsnesssennas 591

APPENDIX B: Smart Sensors and TEDS FAQ ......coueuueeeeeeerveireeeiiissnesvissssesssssssnasiees 597

APPENDIX C: Units and CONVEISIONS ........cceeverreeessssmmmnmsssssssssssssnmssssssssssssssssssssssss 601

APPENDIX D: Physical CONSTANTS..........cccerueemeriienmiissssensisssssnssssssssssssssssenssssssssnssnsas 607

APPENDIX E: Dielectric CONStants..........cccccvevvrsccsssmmmmssssssssssssssnnssssssssssssssssssssssss 615

APPENDIX F: Index Of REfraction ...........ccccueeeevsmmessessnssssssnnssssssssssssssssnsssssssnnnsssas 617

APPENDIX G: Engineering Material Properties............ccccoommrrevsemmrsissensssssssnnnsnnas 619

APPENDIX H: EMiSSiONS RESISTIVILY .....ccccrueereiiiseneiiiisinnississsnssssissssssssssennssssssnnssnas 625

APPENDIX I: Physical Properties of Some Typical Liquids ..............cccceeeerernennn.. 629

APPENDIX J: Speed of Sound in Various Bulk Media ............cccceomrevenrccnnrcnennne 631

APPENDIX K: BAtt@Ii€S ........coseeemmeersssssissssnnnnssssssssssssssnnnssssssssssssssmmsssssssssssssssssnsssssss 633

APPENDIX L: TEMPEIAQtUIES ......cuuueeuememmmmmmmmmmnmmmmmmmnmmmsnmssnsssssssssssssssssssssssssssssssssmsnnes 635

Contributor’s BiOGraphi€s ...........cccooueevvcvuemissiseienissisnesssssssss s cssssssssssen s ssssssnnsenas 637

Contributing COMPANIES ........coeeeeeveneiisiisinnissisnenesssssnnessssssnssssssssssssssssennsssssnnssssns 647

RY=T Ko T YV o o] L= o 655

Y77 o] L=T ot e L= I 683

RY=T o XYe Tl [=Tel o7 T Lo VAN [ o L= R 690

viii



Preface

The first decade of the 21* century has been labeled by some as the “Sensor Decade.”
With a dramatic increase in sensor R&D and applications over the past 15 years, sen-
sors are certainly poised on the brink of a revolution similar to that experienced in
microcomputers in the 1980s. Just in automobiles alone, sensing needs are growing
by leaps and bounds, and the sensing technologies used are as varied as the applica-
tions. Tremendous advances have been made in sensor technology and many more are
on the horizon.

In this volume, we attempted to balance breadth and depth in a single, practical and
up-to-date resource. Understanding sensor design and operation typically requires a
cross-disciplinary background, as it draws from electrical engineering, mechanical
engineering, physics, chemistry, biology, etc. This reference pulls together the most
crucial information needed by those who design sensor systems and work with sen-
sors of all types, written by experts from industry and academia. While it would be
impossible to cover each and every sensor in use today, we attempted to provide as
broad a range of sensor types and applications as possible. The latest technologies,
from piezo materials to micro and nano sensors to wireless networks, are discussed,
as well as the tried and true methodologies. In addition, information on design, inter-
facing and signal conditioning is given for each sensor type.

Organized primarily by sensor application, the book is cross-referenced with indices
of sensor technology. Manufacturers are listed by sensor type. The other contributors
and I have attempted to provide a useful handbook with technical explanations that
are clear, simple and thorough. We will also attempt to keep it updated as the technol-
ogy advances.

Jon S. Wilson
Chandler, Arizona
October, 2004
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CHAPTER 1

Sensor Fundamentals

1.1 Basic Sensor Technology

Dr. Tom Kenny, Department of Mechanical Engineering,
Stanford University

A sensor is a device that converts a physical phenomenon into an electrical signal. As
such, sensors represent part of the interface between the physical world and the world
of electrical devices, such as computers. The other part of this interface is represented
by actuators, which convert electrical signals into physical phenomena.

Why do we care so much about this interface? In recent years, enormous capability
for information processing has been developed within the electronics industry. The
most significant example of this capability is the personal computer. In addition, the
availability of inexpensive microprocessors is having a tremendous impact on the
design of embedded computing products ranging from automobiles to microwave
ovens to toys. In recent years, versions of these products that use microprocessors for
control of functionality are becoming widely available. In automobiles, such capabil-
ity is necessary to achieve compliance with pollution restrictions. In other cases, such
capability simply offers an inexpensive performance advantage.

All of these microprocessors need electrical input voltages in order to receive instruc-
tions and information. So, along with the availability of inexpensive microprocessors
has grown an opportunity for the use of sensors in a wide variety of products. In
addition, since the output of the sensor is an electrical signal, sensors tend to be char-
acterized in the same way as electronic devices. The data sheets for many sensors are
formatted just like electronic product data sheets.

However, there are many formats in existence, and there is nothing close to an in-
ternational standard for sensor specifications. The system designer will encounter a
variety of interpretations of sensor performance parameters, and it can be confusing.
It is important to realize that this confusion is not due to an inability to explain the
meaning of the terms—rather it is a result of the fact that different parts of the sensor
community have grown comfortable using these terms differently.
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Sensor Data Sheets

It is important to understand the function of the data sheet in order to deal with this
variability. The data sheet is primarily a marketing document. It is typically designed
to highlight the positive attributes of a particular sensor and emphasize some of the
potential uses of the sensor, and might neglect to comment on some of the negative
characteristics of the sensor. In many cases, the sensor has been designed to meet a
particular performance specification for a specific customer, and the data sheet will
concentrate on the performance parameters of greatest interest to this customer. In
this case, the vendor and customer might have grown accustomed to unusual defini-
tions for certain sensor performance parameters. Potential new users of such a sensor
must recognize this situation and interpret things reasonably. Odd definitions may be
encountered here and there, and most sensor data sheets are missing some pieces of
information that are of interest to particular applications.

Sensor Performance Characteristics Definitions

The following are some of the more important sensor characteristics:

Transfer Function
The transfer function shows the functional relationship between physical input
signal and electrical output signal. Usually, this relationship is represented as
a graph showing the relationship between the input and output signal, and the
details of this relationship may constitute a complete description of the sen-
sor characteristics. For expensive sensors that are individually calibrated, this
might take the form of the certified calibration curve.

Sensitivity
The sensitivity is defined in terms of the relationship between input physical
signal and output electrical signal. It is generally the ratio between a small
change in electrical signal to a small change in physical signal. As such, it
may be expressed as the derivative of the transfer function with respect to
physical signal. Typical units are volts/kelvin, millivolts/kilopascal, etc.. A
thermometer would have “high sensitivity” if a small temperature change
resulted in a large voltage change.

Span or Dynamic Range
The range of input physical signals that may be converted to electrical sig-
nals by the sensor is the dynamic range or span. Signals outside of this range
are expected to cause unacceptably large inaccuracy. This span or dynamic
range is usually specified by the sensor supplier as the range over which other
performance characteristics described in the data sheets are expected to apply.
Typical units are kelvin, pascal, newtons, etc.

2
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Accuracy or Uncertainty
Uncertainty is generally defined as the largest expected error between actual
and 1deal output signals. Typical units are kelvin. Sometimes this is quoted as
a fraction of the full-scale output or a fraction of the reading. For example, a
thermometer might be guaranteed accurate to within 5% of FSO (Full Scale
Output). “Accuracy” is generally considered by metrologists to be a qualitative
term, while “uncertainty” is quantitative. For example one sensor might have
better accuracy than another if its uncertainty is 1% compared to the other
with an uncertainty of 3%.

Hysteresis
Some sensors do not return to the same output value when the input stimulus
is cycled up or down. The width of the expected error in terms of the measured
quantity is defined as the hysteresis. Typical units are kelvin or percent of FSO.

Nonlinearity (often called Linearity)
The maximum deviation from a linear transfer function over the specified
dynamic range. There are several measures of this error. The most common
compares the actual transfer function with the “best straight line,” which lies
midway between the two parallel lines that encompass the entire transfer func-
tion over the specified dynamic range of the device. This choice of comparison
method is popular because it makes most sensors look the best. Other refer-
ence lines may be used, so the user should be careful to compare using the
same reference.

Noise
All sensors produce some output noise in addition to the output signal. In
some cases, the noise of the sensor is less than the noise of the next element
in the electronics, or less than the fluctuations in the physical signal, in which
case it is not important. Many other cases exist in which the noise of the
sensor limits the performance of the system based on the sensor. Noise is gen-
erally distributed across the frequency spectrum. Many common noise sources
produce a white noise distribution, which is to say that the spectral noise
density is the same at all frequencies. Johnson noise in a resistor is a good ex-
ample of such a noise distribution. For white noise, the spectral noise density
is characterized in units of volts/Root (Hz). A distribution of this nature adds
noise to a measurement with amplitude proportional to the square root of the
measurement bandwidth. Since there is an inverse relationship between the
bandwidth and measurement time, it can be said that the noise decreases with
the square root of the measurement time.
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Resolution
The resolution of a sensor is defined as the minimum detectable signal fluctua-
tion. Since fluctuations are temporal phenomena, there is some relationship
between the timescale for the fluctuation and the minimum detectable ampli-
tude. Therefore, the definition of resolution must include some information
about the nature of the measurement being carried out. Many sensors are
limited by noise with a white spectral distribution. In these cases, the resolu-
tion may be specified in units of physical signal/root (Hz). Then, the actual
resolution for a particular measurement may be obtained by multiplying this
quantity by the square root of the measurement bandwidth. Sensor data sheets
generally quote resolution in units of signal/root (Hz) or they give a mini-
mum detectable signal for a specific measurement. If the shape of the noise
distribution is also specified, it is possible to generalize these results to any
measurement.

Bandwidth
All sensors have finite response times to an instantaneous change in physical
signal. In addition, many sensors have decay times, which would represent the
time after a step change in physical signal for the sensor output to decay to its
original value. The reciprocal of these times correspond to the upper and lower
cutoff frequencies, respectively. The bandwidth of a sensor is the frequency
range between these two frequencies.

Sensor Performance Characteristics of an Example Device

To add substance to these definitions, we will identify the numerical values of these
parameters for an off-the-shelf accelerometer, Analog Devices’s ADXL150.

Transfer Function
The functional relationship between voltage and acceleration is stated as

V(Acc)=1 .5V+(Acc>< 167’"—‘/)
g

This expression may be used to predict the behavior of the sensor, and con-
tains information about the sensitivity and the offset at the output of the
Sensor.

Sensitivity
The sensitivity of the sensor is given by the derivative of the voltage with
respect to acceleration at the initial operating point. For this device, the sensi-
tivity is 167 mV/g.
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Dynamic Range
The stated dynamic range for the ADXL322 is +2g. For signals outside this
range, the signal will continue to rise or fall, but the sensitivity is not guaran-
teed to match 167 mV/g by the manufacturer. The sensor can withstand up to
3500g.

Hysteresis
There is no fundamental source of hysteresis in this device. There is no men-
tion of hysteresis in the data sheets.

Temperature Coefficient
The sensitivity changes with temperature in this sensor, and this change is
guaranteed to be less than 0.025%/C. The offset voltage for no acceleration
(nominally 1.5 V) also changes by as much as 2 mg/C. Expressed in voltage,
this offset change is no larger than 0.3 mV/C.

Linearity
In this case, the linearity is the difference between the actual transfer function
and the best straight line over the specified operating range. For this device,
this is stated as less than 0.2% of the full-scale output. The data sheets show
the expected deviation from linearity.

Noise
Noise is expressed as a noise density and is no more than 300 microg/root Hz.
To express this in voltage, we multiply by the sensitivity (167 mV/g) to get 0.5
microV/Rt Hz. Then, in a 10 Hz low-pass-filtered application, we’d have noise
of about 1.5 microV RMS, and an acceleration error of about 1 milli g.

Resolution
Resolution 1s 300 microG/RtHz as stated in the data sheet.

Bandwidth
The bandwidth of this sensor depends on choices of external capacitors and
resistors.

Introduction to Sensor Electronics

The electronics that go along with the physical sensor element are often very impor-

tant to the overall device. The sensor electronics can limit the performance, cost, and
range of applicability. If carried out properly, the design of the sensor electronics can
allow the optimal extraction of information from a noisy signal.
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Most sensors do not directly produce voltages but rather act like passive devices, such
as resistors, whose values change in response to external stimuli. In order to produce
voltages suitable for input to microprocessors and their analog-to-digital converters,
the resistor must be “biased” and the output signal needs to be “amplified.”

Types of Sensors

Resistive sensor circuits

Figure 1.1.1: Voltage divider.

R

S

s ‘/in
" R +R

iR >> RV, =2,
Rl

Resistive devices obey Ohm’s law, which states that the voltage across a resistor
is equal to the product of the current flowing through it and the resistance value of
the resistor. It is also required that all of the current entering a node in the circuit
leave that same node. Taken together, these two rules are called Kirchhoft’s Rules
for Circuit Analysis, and these may be used to determine the currents and voltages
throughout a circuit.

For the example shown in Figure 1.1.1, this analysis is straightforward. First, we
recognize that the voltage across the sense resistor is equal to the resistance value
times the current. Second, we note that the voltage drop across both resistors (Vin-0)
is equal to the sum of the resistances times the current. Taken together, we can solve
these two equations for the voltage at the output. This general procedure applies to
simple and complicated circuits; for each such circuit, there is an equation for the
voltage between each pair of nodes, and another equation that sets the current into a
node equal to the current leaving the node. Taken all together, it is always possibly
to solve this set of linear equations for all the voltages and currents. So, one way to
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measure resistance is to force a current to flow and measure the voltage drop. Current
sources can be built in number of ways. One of the easiest current sources to build
consists of a voltage source and a stable resistor whose resistance is much larger than
the one to be measured. The reference resistor is called a load resistor. Analyzing the
connected load and sense resistors as shown in Figure 1.1.1, we can see that the cur-
rent flowing through the circuit is nearly constant, since most of the resistance in the
circuit is constant. Therefore, the voltage across the sense resistor is nearly propor-
tional to the resistance of the sense resistor.

As stated, the load resistor must be much larger than the sense resistor for this circuit
to offer good linearity. As a result, the output voltage will be much smaller than the
input voltage. Therefore, some amplification will be needed.

A Wheatstone bridge circuit is a very common improvement on the simple voltage
divider. It consists simply of the same voltage divider in Figure 1.1.1, combined with
a second divider composed of fixed resistors only. The point of this additional di-
vider is to make a reference voltage that is the same as the output of the sense voltage
divider at some nominal value of the sense
resistance. There are many complicated ad-
ditional features that can be added to bridge Ri R
circuits to more accurately compensate for

particular effects, but for this discussion, A c ©@Ve
we’ll concentrate on the simplest designs—
the ones with a single sense resistor, and
three other bridge resistors that have resis-
tance values that match the sense resistor at D
some nominal operating point.

B

Rs

Rq

The output of the sense divider and the MI‘I
reference divider are the same when the

sense resistance is at its starting value,

and changes in the sense resistance lead to ~ figure 1.1.2: Wheatstone bridge circuit.
small differences between these two volt-

ages. A differential amplifier (such as an instrumentation amplifier) is used to produce
the difference between these two voltages and amplify the result. The primary ad-
vantages are that there is very little offset voltage at the output of this differential
amplifier, and that temperature or other effects that are common to all the resistors are
automatically compensated out of the resulting signal. Eliminating the offset means
that the small differential signal at the output can be amplified without also amplify-
ing an offset voltage, which makes the design of the rest of the circuit easier.

Vin
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Capacitance measuring circuits

Many sensors respond to physical signals by producing a change in capacitance. How
is capacitance measured? Essentially, all capacitors have an impedance given by

1
ioC  i2nfC

impedance =

where fis the oscillation frequency in Hz, w is in rad/sec, and C is the capacitance
in farads. The i in this equation is the square root of —1, and signifies the phase shift
between the current through a capacitor and the voltage across the capacitor.

Now, ideal capacitors cannot pass current at DC, since there is a physical separation
between the conductive elements. However, oscillating voltages induce charge oscil-
lations on the plates of the capacitor, which act as if there is physical charge flowing
through the circuit. Since the oscillation reverses direction before substantial charges
accumulate, there are no problems. The effective resistance of the capacitor is a mean-
ingful characteristic, as long as we are talking about oscillating voltages.

With this in mind, the capacitor looks very much like a resistor. Therefore, we may
measure capacitance by building voltage divider circuits as in Figure 1.1.1, and we
may use either a resistor or a capacitor as the load resistance. It is generally easiest

to use a resistor, since inexpensive resistors are available which have much smaller
temperature coefficients than any reference capacitor. Following this analogy, we

may build capacitance bridges as well. The only substantial difference is that these
circuits must be biased with oscillating voltages. Since the “resistance” of the capaci-
tor depends on the frequency of the AC bias, it is important to select this frequency
carefully. By doing so, all of the advantages of bridges for resistance measurement are
also available for capacitance measurement.

However, providing an AC bias can be problematic. Moreover, converting the AC
signal to a DC signal for a microprocessor interface can be a substantial issue. On
the other hand, the availability of a modulated signal creates an opportunity for use
of some advanced sampling and processing techniques. Generally speaking, voltage
oscillations must be used to bias the sensor. They can also be used to trigger voltage
sampling circuits in a way that automatically subtracts the voltages from opposite
clock phases. Such a technique is very valuable, because signals that oscillate at the
correct frequency are added up, while any noise signals at all other frequencies are
subtracted away. One reason these circuits have become popular in recent years is that
they can be easily designed and fabricated using ordinary digital VLSI fabrication
tools. Clocks and switches are easily made from transistors in CMOS circuits. There-
fore, such designs can be included at very small additional cost—remember that the
oscillator circuit has to be there to bias the sensor anyway.
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Capacitance measuring circuits are increasingly implemented as integrated clock/
sample circuits of various kinds. Such circuits are capable of good capacitance mea-
surement, but not of very high performance measurement, since the clocked switches
inject noise charges into the circuit. These injected charges result in voltage offsets
and errors that are very difficult to eliminate entirely. Therefore, very accurate capaci-
tance measurement still requires expensive precision circuitry.

Since most sensor capacitances are relatively small (100 pF is typical), and the mea-
surement frequencies are in the 1-100 kHz range, these capacitors have impedances
that are large (> 1 megohm is common). With these high impedances, it is easy for
parasitic signals to enter the circuit before the amplifiers and create problems for
extracting the measured signal. For capacitive measuring circuits, it is therefore
important to minimize the physical separation between the capacitor and the first
amplifier. For microsensors made from silicon, this problem can be solved by inte-
grating the measuring circuit and the capacitance element on the same chip, as is done
for the ADXL311 mentioned above.

Inductance measurement circuits

Inductances are also essentially resistive elements. The “resistance” of an inductor is
given by X, = 2nfL, and this resistance may be compared with the resistance of any
other passive element in a divider circuit or in a bridge circuit as shown in Figure
1.1.1. Inductive sensors generally require expensive techniques for the fabrication

of the sensor mechanical structure, so inexpensive circuits are not generally of much
use. In large part, this is because inductors are generally three-dimensional devices,
consisting of a wire coiled around a form. As a result, inductive measuring circuits are
most often of the traditional variety, relying on resistance divider approaches.

Sensor Limitations

Limitations in resistance measurement

m Lead resistance — The wires leading from the resistive sensor element have a
resistance of their own. These resistances may be large enough to add errors
to the measurement, and they may have temperature dependencies that are
large enough to matter. One useful solution to the problem is the use of the
so-called 4-wire resistance approach (Figure 1.1.3). In this case, current (from
a current source as in Figure 1.1.1) is passed through the leads and through the
sensor element. A second pair of wires is independently attached to the sensor
leads, and a voltage reading is made across these two wires alone.
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Figure 1.1.3: Lead compensation.

It is assumed that the voltage-measuring instrument does not draw significant
current (see next point), so it simply measures the voltage drop across the sen-
sor element alone. Such a 4-wire configuration is especially important when
the sensor resistance is small, and the lead resistance is most likely to be a
significant problem.

Output impedance — The measuring network has a characteristic resistance
which, simply put, places a lower limit on the value of a resistance which may
be connected across the output terminals without changing the output volt-
age. For example, if the thermistor resistance is 10 kQ and the load resistor
resistance is 1 MQ, the output impedance of this circuit is approximately 10
kQ. If a 1 kQ resistor is connected across the output leads, the output voltage
would be reduced by about 90%. This is because the load applied to the circuit
(1 kQ) is much smaller than the output impedance of the circuit (10 kQ), and
the output is “loaded down.” So, we must be concerned with the effective
resistance of any measuring instrument that we might attach to the output of
such a circuit. This is a well-known problem, so measuring instruments are
often designed to offer maximum input impedance, so as to minimize loading
effects. In our discussions we must be careful to arrange for instrument input
impedance to be much greater than sensor output impedance.

Limitations to measurement of capacitance

Stray capacitance — Any wire in a real-world environment has a finite capaci-
tance with respect to ground. If we have a sensor with an output that looks like
a capacitor, we must be careful with the wires that run from the sensor to the
rest of the circuit. These stray capacitances appear as additional capacitances
in the measuring circuit, and can cause errors. One source of error is the
changes in capacitance that result from these wires moving about with respect

10
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to ground, causing capacitance fluctuations which might be confused with

the signal. Since these effects can be due to acoustic pressure-induced vibra-
tions in the positions of objects, they are often referred to as microphonics. An
important way to minimize stray capacitances is to minimize the separation
between the sensor element and the rest of the circuit. Another way to mini-
mize the effects of stray capacitances is mentioned later—the virtual ground
amplifier.

Filters

Electronic filters are important for separating signals from noise in a measurement.
The following sections contain descriptions of several simple filters used in sensor-
based systems.

m  Low pass — A low-pass filter (Figure 1.1.4) uses a resistor and a capacitor in
a voltage divider configuration. In this case, the “resistance” of the capaci-
tor decreases at high frequency, so the output voltage decreases as the input
frequency increases. So, this circuit effectively filters out the high frequencies
and “passes” the low frequencies.

Vin Vout
O

Figure 1.1.4: Low-pass filter.

The mathematical analysis is as follows:

Using the complex notation for the impedance, let

1
Z,=R,Z,=—
ioC
Using the voltage divider equation in Figure 1.1.1
V = Z; .
out Z1 +Zz m

11
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Substituting for Z, and Z,

1
i 1
o =0V, = v,
R+- IORC +1
ioC
The magnitude of V,, is
_ 1
out ((,)RC)2 +1 in
and the phase of V,, is
¢ =tan™"’ (—CORC)

m High-pass — The high-pass filter is exactly analogous to the low-pass filter,
except that the roles of the resistor and capacitor are reversed. The analysis of
a high-pass filter is as follows:

Vin | | Vout
O || O

Figure 1.1.5: High-pass filter.

Similar to a low-pass filter,

The magnitude is

12
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and the phase is

-1
=t I
¢=tan (a)RC)
Bandpass — By combining low-pass and high-pass filters together, we can
create a bandpass filter that allows signals between two preset oscillation fre-

quencies. Its diagram and the derivations are as follows:

Ro
Cq - Vout

Co
) I

Figure 1.1.6: Band-pass filter.

Let the high-pass filter have the oscillation frequency ®, and the low-pass
filter have the frequency ®, such that

1 1
O, =0, =——,0,<0,
RIC] R2C2

Then the relation between V.

out

v 1 ioRC ),
“ io,R,C,+1 ) io,RC,+1) "

The operational amplifier in the middle of the circuit was added in this circuit
to isolate the high-pass from the low-pass filter so that they do not effectively
load each other. The op-amp simply works as a buffer in this case. In the fol-

lowing section, the role of the op-amps will be discussed more in detail.

and V, is

Operational amplifiers

Operational amplifiers (op-amps) are electronic devices that are of enormous generic
use for signal processing. The use of op-amps can be complicated, but there are a
few simple rules and a few simple circuit building blocks which designers need to be
familiar with to understand many common sensors and the circuits used with them.

13
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An op-amp is essentially a simple 2-input, 1-output device. The output voltage is
equal to the difference between the non-inverting input and the inverting input mul-
tiplied by some extremely large value (10°). Use of op-amps as simple amplifiers is
uncommon.

Vin —O

Figure 1.1.7: Non-inverting unity gain amplifier.

Feedback is a particularly valuable concept in op-amp applications. For instance,
consider the circuit shown in Figure 1.1.6, called the follower configuration. Notice
that the inverting input is tied directly to the output. In this case, if the output is less
than the input, the difference between the inputs is a positive quantity, and the output
voltage will be increased. This adjustment process continues, until the output is at the
same voltage as the non-inverting input. Then, everything stays fixed, and the output
will follow the voltage of the non-inverting input. This circuit appears to be useless
until you consider that the input impedance of the op-amp can be as high as 10° ohms,
while the output can be many orders of magnitude smaller. Therefore, this follower
circuit is a good way to isolate circuit stages with high output impedance from stages
with low input impedance.

This op-amp circuit can be analyzed very easily, using the op-amp golden rules:
1. No current flows into the inputs of the op-amp.

2. When configured for negative feedback, the output will be at whatever value
makes the input voltages equal.

Even though these golden rules only apply to ideal operational amplifiers, op-amps
can in most cases be treated as ideal. Let’s use these rules to analyze more circuits:

R

- Vout

Figure 1.1.8: Inverting amplifier.

Figure 1.1.8 shows an example of an inverting amplifier. We can derive the equation
by taking the following steps.

14
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1. Point B is ground. Therefore, point A is also ground. (Rule 2)
is constant (Rule 1), V /R, =-V, /R,

m

2. Since the current flowing from V,, to V,

out
3. Therefore, voltage gain=1V, /V, = -R,/R,
Ro

R1

= Vout
Vin
oL

+

Figure 1.1.9: Non-inverting amplifier.

Figure 1.1.9 illustrates another useful configuration of an op-amp. This is a non-in-
verting amplifier, which is a slightly different expression than the inverting amplifier.
Taking it step-by-step,

1. V.=V, (Rule 2)

2. Since V, comes from a voltage divider, V,= (R/(R, +R,)) V,

3. Therefore, V,, = (R/(R, +Ry)) V.,

4. VIV, =R, +R)/R,=1+R,/R,

The following section provides more details on sensor systems and signal conditioning.

1.2 Sensor Systems

Analog Devices Technical Staff
Walt Kester, Editor

This section deals with sensors and associated signal conditioning circuits. The topic is
broad, but the focus here is to concentrate on the sensors with just enough coverage of sig-
nal conditioning to introduce it and to at least imply its importance in the overall system.

Strictly speaking, a sensor is a device that receives a signal or stimulus and responds
with an electrical signal, while a transducer is a converter of one type of energy into
another. In practice, however, the terms are often used interchangeably.

Sensors and their associated circuits are used to measure various physical proper-
ties such as temperature, force, pressure, flow, position, light intensity, etc. These
properties act as the stimulus to the sensor, and the sensor output is conditioned and
processed to provide the corresponding measurement of the physical property. We
will not cover all possible types of sensors here, only the most popular ones, and spe-
cifically, those that lend themselves to process control and data acquisition systems.

Excerpted from Practical Design Techniques for Sensor Signal Conditioning, Analog Devices, Inc., www.analog.com.
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Sensors do not operate by themselves. They are generally part of a larger system
consisting of signal conditioners and various analog or digital signal processing cir-
cuits. The system could be a measurement system, data acquisition system, or process
control system, for example.

Sensors may be classified in a number of ways. From a signal conditioning viewpoint
it is useful to classify sensors as either active or passive. An active sensor requires

an external source of excitation. Resistor-based sensors such as thermistors, RTDs
(Resistance Temperature Detectors), and strain gages are examples of active sensors,
because a current must be passed through them and the corresponding voltage mea-
sured in order to determine the resistance value. An alternative would be to place the
devices in a bridge circuit; however, in either case, an external current or voltage is
required.

On the other hand, passive (or self-generating) sensors generate their own electrical
output signal without requiring external voltages or currents. Examples of passive
sensors are thermocouples and photodiodes which generate thermoelectric voltages
and photocurrents, respectively, which are independent of external circuits. It should
be noted that these definitions (active vs. passive) refer to the need (or lack thereof)
of external active circuitry to produce the electrical output signal from the sensor. It
would seem equally logical to consider a thermocouple to be active in the sense that
it produces an output voltage with no external circuitry. However, the convention in
the industry is to classify the sensor with respect to the external circuit requirement as
defined above.

SENSORS:

Convert a Signal or Stimulus (Representing a Physical Property) into an Electrical Output
TRANSDUCERS:

Convert One Type of Energy into Another

The Terms are often Interchanged

Active Sensors Require an External Source of Excitation: RTDs, Strain-Gages

Passive (Self-Generating) Sensors do not: Thermocouples, Photodiodes, Piezoelectrics

Figure 1.2.1: Sensor overview.
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PROPERTY SENSOR ACTIVE/PASSIVE OouTPUT
Temperature Thermocouple Passive Voltage
Silicon Active Voltage/Current
RTD Active Resistance
Thermistor Active Resistance
Force/Pressure Strain Gage Active Resistance
Piezoelectric Passive Voltage
Acceleration Accelerometer Active Capacitance
Position LVvDT Active AC Voltage
Light Intensity Photodiode Passive Current

Figure 1.2.2: Typical sensors and their outputs

A logical way to classify sensors—and the method used throughout the remainder of
this book—is with respect to the physical property the sensor is designed to measure.
Thus, we have temperature sensors, force sensors, pressure sensors, motion sensors,
etc. However, sensors which measure different properties may have the same type of
electrical output. For instance, a resistance temperature detector (RTD) is a variable
resistance, as is a resistive strain gage. Both RTDs and strain gages are often placed
in bridge circuits, and the conditioning circuits are therefore quite similar. In fact,
bridges and their conditioning circuits deserve a detailed discussion.

The full-scale outputs of most sensors (passive or active) are relatively small voltages,
currents, or resistance changes, and therefore their outputs must be properly condi-
tioned before further analog or digital processing can occur. Because of this, an entire
class of circuits have evolved, generally referred to as signal conditioning circuits.
Amplification, level translation, galvanic isolation, impedance transformation, lin-
earization, and filtering are fundamental signal conditioning functions that may be
required.

Whatever form the conditioning takes, however, the circuitry and performance will

be governed by the electrical character of the sensor and its output. Accurate char-
acterization of the sensor in terms of parameters appropriate to the application, e.g.,
sensitivity, voltage and current levels, linearity, impedances, gain, offset, drift, time
constants, maximum electrical ratings, and stray impedances and other important con-
siderations can spell the difference between substandard and successful application
of the device, especially in cases where high resolution and precision, or low-level
measurements are involved.
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Higher levels of integration now allow ICs to play a significant role in both analog
and digital signal conditioning. ADCs (analog-to-digital converters) specifically
designed for measurement applications often contain on-chip programmable-gain
amplifiers (PGAs) and other useful circuits, such as current sources for driving RTDs,
thereby minimizing the external conditioning circuit requirements.

Most sensor outputs are nonlinear with respect to the stimulus, and their outputs must
be linearized in order to yield correct measurements. Analog techniques may be used

to perform this function. However, the recent introduction of high performance ADCs
now allows linearization to be done much more efficiently and accurately in software
and eliminates the need for tedious manual calibration using multiple and sometimes

interactive trimpots.

The application of sensors in a typical process control system is shown in Figure
1.2.3. Assume the physical property to be controlled is the temperature. The output of
the temperature sensor is conditioned and then digitized by an ADC. The microcon-
troller or host computer determines if the temperature is above or below the desired
value, and outputs a digital word to the digital-to-analog converter (DAC). The DAC
output is conditioned and drives the actuator, in this case a heater. Notice that the in-
terface between the control center and the remote process is via the industry-standard
4-20mA loop.

REMOTE CONTROL ROOM
SIGNAL | [ 41020mA | i [ 47020mA | [ SIGNAL
CONDITIONING [ | TRANSMITTER [ T>| RECEIVER CONDITIONING
1
f | |
1
TEMP !
SENSOR ! ADC
1
| !
l HOST MICRO
PROCESS ' | cCOMPUTER |~ | CONTROLLER
1
: !
1
HEATER I DAC
1
1
t : !
1
SIGNAL || 4To20mA | | 4To20mA |, | SIGNAL
CONDITIONING RECEIVER | | TRANSMITTER| |CONDITIONING
1

Figure 1.2.3: Typical industrial process control loop.
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Digital techniques have become increasingly popular in processing sensor outputs in
data acquisition, process control, and measurement. Generally, 8-bit microcontrollers
(8051-based, for example) have sufficient speed and processing capability for most
applications. By including the A/D conversion and the microcontroller programma-
bility on the sensor itself, a “‘smart sensor” can be implemented with self-contained
calibration and linearization features, among others. A smart sensor can then interface
directly to an industrial network as shown in Figure 1.2.4.

The basic building blocks of a “smart sensor” are shown in Figure 1.2.5, constructed
with multiple ICs. The Analog Devices MicroConverter™-series of products includes
on-chip high performance multiplexers, analog-to-digital converters (ADCs) and
digital-to-analog converters (DACs), coupled with Flash memory and an industry-
standard 8052 microcontroller core, as well as support circuitry and several standard
serial port configurations. These are the first integrated circuits which are truly smart
sensor data acquisition systems (high-performance data conversion circuits, micro-
controller, Flash memory) on a single chip (see Figure 1.2.6).

IZ(BRANCHI FIELD NETWORK [ NODE | [ NODE>:|

[2] n
< <
> >
T T
T — 3
@ i
5| 4 5 5
Q| 8 |J SWART SENSOR o 8
o by
FElZ
z
3]
> SMART SENSORS OFFER:
A w B Self-Calibration
8 |] SMART SENSOR B Linearization
> B Interchangeability
\D_/ B Standard Digital Interfaces

N

Figure 1.2.4: Standardization at the digital interface using smart sensors.
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:

0 1 E Pressure Sensor,
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= E E E j E Thermocouple,
j -1 F 5 Strain Gage,
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Precision Amplifier
High Resolution ADC
Microcontroller

Sensor

Figure 1.2.5: Basic elements in a smart sensor.

Pressure Sensor,
RTD,
Thermocouple,
Strain Gage,

etc.

MicroConverter™ '

Sensor

Figure 1.2.6: The even smarter sensor.
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Application Considerations

Jon Wilson, Technical Editor

The highest quality, most up-to-date, most accurately calibrated and most carefully
selected sensor can still give totally erroneous data if it is not correctly applied. This
section will address some of the issues that need to be considered to assure correct
application of any sensor.

The following check list is derived from a list originally assembled by Applications
Engineering at Endevco® in the late 1970s. It has been sporadically updated as ad-
ditional issues were encountered. It is generally applicable to all sensor applications,
but many of the items mentioned will not apply to any given specific application.
However, it provides a reminder of questions that need to be asked and answered dur-
ing selection and application of any sensor.

Often one of the most difficult tasks facing an instrumentation engineer is the selec-
tion of the proper measuring system. Economic realities and the pressing need for
safe, properly functioning hardware create an ever-increasing demand to obtain ac-
curate, reliable data on each and every measurement.

On the other hand, each application will have different characteristics from the next
and will probably be subjected to different environments with different data require-
ments. As test or measurement programs progress, data are usually subjected to
increasing manipulation, analysis and scrutiny. In this environment, the instrumenta-
tion engineer can no longer depend on his general-purpose measurement systems and
expect to obtain acceptable data. Indeed, he must carefully analyze every aspect of the
test to be performed, the test article, the environmental conditions, and, if available,
the analytical predictions. In most cases, this process will indicate a clear choice of
acceptable system components. In some cases, this analysis will identify unavoidable
compromises or trade-offs and alert the instrumentation engineer and his customer to
possible deficiencies in the results.

The intent of this chapter is to assist in the process of selecting an acceptable measur-
ing system. While we hope it will be an aid, we understand it cannot totally address
the wide variety of situations likely to arise.
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Let’s look at a few hypothetical cases where instrument selection was made with care,
but where the tests were failures.

1. A test requires that low g, low-frequency information be measured on the axle
bearings of railroad cars to assess the state of the roadbed. After considerable
evaluation of the range of conditions to be measured, a high-sensitivity, low-
resonance piezoelectric accelerometer is selected. The shocks generated when
the wheels hit the gaps between track sections saturate the amplifier, making it
impossible to gather any meaningful data.

2. A test article must be exposed to a combined environment of vibration and a
rapidly changing temperature. The engineer selects an accelerometer for its
high temperature rating without consulting the manufacturer. Thermal tran-
sient output swamps the vibration data.

3. Concern over ground loops prompts the selection of an isolated accelerometer.
The test structure is made partially from lightweight composites, and the cases
of some accelerometers are not referenced to ground. Capacitive coupling of
radiated interference to the signal line overwhelms the data.

From these examples, we hope to make the point that, for all measurement systems, it
is not adequate to consider only that which we wish to measure. In fact, every physi-
cal and electrical phenomenon that is present needs to be considered lest it overwhelm
or, perhaps worse, subtly contaminate our data. The user must remember that every
measurement system responds to its total environment.

2.1 Sensor Characteristics

The prospective user is generally forced to make a selection based on the characteris-
tics available on the product data sheet. Many performance characteristics are shown
on a typical data sheet. Many manufacturers feel that the data sheet should provide as
much information as possible. Unfortunately, this abundance of data may create some
confusion for a potential user, particularly the new user. Therefore the instrumentation
engineer must be sure he or she understands the pertinent characteristics and how they
will affect the measurement. If there is any doubt, the manufacturer should be con-
tacted for clarification.

2.2 System Characteristics

The sensor and signal conditioners must be selected to work together as a system.
Moreover, the system must be selected to perform well in the intended applications.
Overall system accuracy is usually affected most by sensor characteristics such as
environmental effects and dynamic characteristics. Amplifier characteristics such as
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nonlinearity, harmonic distortion and flatness of the frequency response curve are usu-

ally negligible when compared to sensor errors.

2.3 Instrument Selection

Selecting a sensor/signal conditioner system for highly accurate measurements
requires very skillful and careful measurement engineering. All environmental,

mechanical, and measurement conditions must be considered. Installation must be
carefully planned and carried out. The following guidelines are offered as an aid to

selecting and installing measurement systems for the best possible accuracy.

Sensor

The most important element in a measurement system is the sensor. If the data is dis-
torted or corrupted by the sensor, there is often little that can be done to correct it.

Will the sensor operate satisfactorily in the measurement environment?

Check:
Temperature Range
Maximum Shock and Vibration
Humidity
Pressure
Acoustic Level
Corrosive Gases
Magnetic and RF Fields
Nuclear Radiation
Salt Spray
Transient Temperatures
Strain in the Mounting Surface

Will the sensor characteristics provide the desired data accuracy?

Check:

Sensitivity
Frequency Response

Resonance Frequency

Minor Resonances

Internal Capacitance
Transverse Sensitivity
Amplitude Linearity and Hysteresis
Temperature Deviation
Weight and size
Internal Resistance at Maximum Temperature
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Calibration Accuracy

Strain Sensitivity

Damping at Temperature Extremes
Zero Measurand Output

Thermal Zero Shift

Thermal Transient Response

Is the proper mounting being used for this application?
Check:
Is Insulating Stud Required?
Ground Loops
Calibration Simulation
Is Adhesive Mounting Required?
Thread Size, Depth and Class

Cable

Cables and connectors are usually the weakest link in the measurement system chain.

Will the cable operate satisfactorily in the measurement environment?

Check:
Temperature Range
Humidity Conditions

Will the cable characteristics provide the desired data accuracy?

Check:
Low Noise
Size and Weight
Flexibility
Is Sealed Connection Required?

Power Supply

Will the power supply operate satisfactorily in the measurement environment?

Check:
Temperature Range
Maximum Shock and Vibration
Humidity
Pressure
Acoustic Level
Corrosive Gases
Magnetic and RF Fields
Nuclear Radiation
Salt Spray
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Is this the proper power supply for the application?

Check:
Voltage Regulation
Current Regulation
Compliance Voltage
Output Voltage Adjustable?
Output Current Adjustable?
Long Output Lines?
Need for External Sensing
Isolation
Mode Card, if Required

Will the power supply characteristics provide the desired data accuracy?

Check:
Load Regulation
Line Regulation
Temperature Stability
Time Stability
Ripple and Noise
Output Impedance
Line-Transient Response
Noise to Ground
DC Isolation

Amplifier

The amplifier must provide gain, impedance matching, output drive current, and other
signal processing.

Will the amplifier operate satisfactorily in the measurement environment?

Check:
Temperature Range
Maximum Shock and Vibration
Humidity
Pressure
Acoustic Level
Corrosive Gases
Magnetic and RF Fields
Nuclear Radiation
Salt Spray
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Is this the proper amplifier for the application?

Check:

Long Input Lines?

Need for Charge Amplifier

Need for Remote Charge Amplifier
Long Output Lines

Need for Power Amplifier
Airborne

Size, Weight, Power Limitations

Will the amplifier characteristics provide the desired data accuracy?

Check:
Gain and Gain Stability
Frequency Response
Linearity
Stability
Phase Shift
Output Current and Voltage
Residual Noise
Input Impedance
Transient Response
Overload Capability
Common Mode Rejection
Zero-Temperature Coefficient
Gain-Temperature Coefficient

2.4 Data Acquisition and Readout

Does the remainder of the system, including any additional amplifiers, filters, data
acquisition and readout devices, introduce any limitation that will tend to degrade the
sensor-amplifier characteristics?

Check: ALL of previous check items, plus Adequate Resolution.

2.5 Installation

Even the most carefully and thoughtfully selected and calibrated system can produce
bad data if carelessly or ignorantly installed.
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Sensor

Is the unit in good condition and ready to use?
Check:
Up-to-Date Calibration
Physical Condition
Case
Mounting Surface
Connector
Mounting Hardware
Inspect for Clean Connector
Internal Resistance

Is the mounting hardware in good condition and ready to use?
Check:
Mounting Surface Condition
Thread Condition
Burred End Slots
Insulated Stud
Insulation Resistance
Stud Damage by Over Torquing
Mounting Surface Clean and Flat
Sensor Base Surface Clean and Flat
Hole Drilled and Tapped Deep Enough
Correct Tap Size
Hole Properly Aligned Perpendicular to Mounting Surface
Stud Threads Lubricated
Sensor Mounted with Recommended Torque

Cement Mounting

Check:
Mounting Surface Clean and Flat
Dental Cement for Uneven Surfaces
Cement Cured Properly
Sensor Mounted to Cementing Stud with Recommended Torque
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Cable

Is the cable in good condition and ready for use?
Check:
Physical Condition
Cable Kinked, Crushed
Connector Threads, Pins
Inspect for Clean Connectors
Continuity
Insulation Resistance
Capacitance
All Cable Connections Secure
Cable Properly restrained
Excess Cable Coiled and Tied Down
Drip Loop Provided
Connectors Sealed and Potted, if Required

Power Supply, Amplifier, and Readout

Are the units in good condition and ready to use?
Check:
Up-to-Date Calibration
Physical Condition
Connectors
Case
Output Cables
Inspect for Clean Connectors
Mounted Securely
All Cable Connections Secure
Gain Hole Cover Sealed, if Required
Recommended Grounding in Use

When the above questions have been answered to the user’s satisfaction, the measure-
ment system has a high probability of providing accurate data.
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Measurement Issues and Criteria

Jon Wilson, Technical Editor

Sensors are most commonly used to make quantifiable measurements, as opposed
to qualitative detection or presence sensing. Therefore, it should be obvious that the
requirements of the measurement will determine the selection and application of the
sensor. How then can we quantify the requirements of the measurement?

First, we must consider what it is we want to measure. Sensors are available to mea-
sure almost anything you can think of, and many things you would never think of
(but someone has!). Pressure, temperature and flow are probably the most common
measurements as they are involved in monitoring and controlling many industrial
processes and material transfers. A brief tour of a Sensors Expo exhibition or a quick
look at the internet will yield hundreds, if not thousands, of quantities, characteristics
or phenomena that can be measured with sensors.

Second, we must consider the environment of the sensor. Environmental effects are
perhaps the biggest contributor to measurement errors in most measurement systems.
Sensors, and indeed whole measurement systems, respond to their total environ-
ment, not just to the measurand. In extreme cases, the response to the combination of
environments may be greater than the response to the desired measurand. One of the
sensor designer’s greatest challenges is to minimize the response to the environment
and maximize the response to the desired measurand. Assessing the environment and
estimating its effect on the measurement system is an extremely important part of the
selection and application process.

The environment includes not only such parameters as temperature, pressure and
vibration, but also the mounting or attachment of the sensor, electromagnetic and
electrostatic effects, and the rates of change of the various environments. For ex-
ample, a sensor may be little affected by extreme temperatures, but may produce huge
errors in a rapidly changing temperature (“thermal transient sensitivity”).

Third, we must consider the requirements for accuracy (uncertainty) of the measure-
ment. Often, we would like to achieve the lowest possible uncertainty, but that may
not be economically feasible, or even necessary. How will the information derived
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from the measurement be used? Will it really make a difference, in the long run,
whether the uncertainty is 1% or 1¥2%? Will highly accurate sensor data be obscured
by inaccuracies in the signal conditioning or recording processes? On the other hand,
many modern data acquisition systems are capable of much greater accuracy than the
sensors making the measurement. A user must not be misled by thinking that high
resolution in a data acquisition system will produce high accuracy data from a low
accuracy sensor.

Last, but not least, the user must assure that the whole system is calibrated and trace-
able to a national standards organization (such as National Institute of Standards and
Technology [NIST] in the United States). Without documented traceability, the uncer-
tainty of any measurement is unknown. Either each part of the measurement system
must be calibrated and an overall uncertainty calculated, or the total system must be
calibrated as it will be used (“system calibration” or “end-to-end calibration™).

Since most sensors do not have any adjustment capability for conventional “calibra-
tion”, a characterization or evaluation of sensor parameters is most often required. For
the lowest uncertainty in the measurement, the characterization should be done with
mounting and environment as similar as possible to the actual measurement condi-
tions.

While this handbook concentrates on sensor technology, a properly selected, calibrat-
ed, and applied sensor is necessary but not sufficient to assure accurate measurements.
The sensor must be carefully matched with, and integrated into, the total measure-
ment system and its environment.
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Sensor Signal Conditioning

Analog Devices Technical Staff
Walt Kester, Editor

Typically a sensor cannot be directly connected to the instruments that record, moni-
tor, or process its signal, because the signal may be incompatible or may be too weak
and/or noisy. The signal must be conditioned—i.e., cleaned up, amplified, and put
into a compatible format.

The following sections discuss the important aspects of sensor signal conditioning.

4.1 Conditioning Bridge Circuits
Introduction

This section discusses the fundamental concepts of bridge circuits.

Resistive elements are some of the most common sensors. They are inexpensive to
manufacture and relatively easy to interface with signal conditioning circuits. Resis-
tive elements can be made sensitive to temperature, strain (by pressure or by flex),
and light. Using these basic elements, many complex physical phenomena can be
measured, such as fluid or mass flow (by sensing the temperature difference between
two calibrated resistances) and dew-point humidity (by measuring two different tem-
perature points), etc. Bridge circuits are often incorporated into force, pressure and
acceleration sensors.

Sensor elements’ resistances can range from less than 100 €2 to several hundred k€2,
depending on the sensor design W Strain Gages 1200, 3500, 35000
and the physical environment to
be measured (See Figure 4.1.1).
For example, RTDs (resistance
temperature devices) are typical- m Relative Humidity 100k - 10MO
ly 100 € or 1000 €. Thermistors
are typically 3500 Q2 or higher.

B Weigh-Scale Load Cells 350Q - 3500Q

B Pressure Sensors 35002 - 35000

B Resistance Temperature Devices (RTDs) 1002 , 100002

H Thermistors 100 - 10MQ

Figure 4.1.1: Resistance of popular sensors.

Excerpted from Practical Design Techniques for Sensor Signal Conditioning, Analog Devices, Inc., www.analog.com.
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Bridge Circuits

Resistive sensors such as RTDs and strain gages produce small percentage changes in
resistance in response to a change in a physical variable such as temperature or force.
Platinum RTDs have a temperature coefficient of about 0.385%/°C. Thus, in order to

accurately resolve temperature to 1°C, the measurement accuracy must be much bet-
ter than 0.385 Q, for a 100 Q RTD.

Strain gages present a significant measurement challenge because the typical change
in resistance over the entire operating range of a strain gage may be less than 1% of
the nominal resistance value. Accurately measuring small resistance changes is there-
fore critical when applying resistive sensors.

One technique for measuring resistance (shown in Figure 4.1.2) is to force a constant
current through the resistive sensor and measure the voltage output. This requires both
an accurate current source and an

. Vout =I(R + AR)
accurate means of measuring the @ ° O
voltage. Any change in the current
will be interpreted as a resistance )
change. In addition, the power § R+ AR

dissipation in the resistive sensor
must be small, in accordance with
the manufacturer’s recommenda-
tions, so that self-heating does not V
produce errors, therefore the drive

Figure 4.1.2: Measuring resistance indirectly

current must be small. using a constant current source.
Bridges offer an attractive alterna- '
tive for measuring small resistance
changes accurately. The basic Wheat- R4 R3 Vo =ﬁvs —%VB
stone bridge (actually developed R1 R2
by S. H. Christie in 1833) is shown - RIRI
in Figure 4.1.3. It consists of four O Vo O (“%](“?
resistors connected to form a quadri-

. . AT BALANCE,
lateral, a source of excitation (voltage Rt R2 R1 R2
or current) connected across one of Vo-0 IF ga~Rs

the diagonals, and a voltage detector

connected across the other diagonal. "4

The detector measures the difference Figure 4.1.3: The Wheatstone bridge.
between the outputs of two voltage

dividers connected across the excitation.
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A bridge measures resistance indirectly by comparison with a similar resistance. The
two principal ways of operating a bridge are as a null detector or as a device that
reads a difference directly as voltage.

When R1/R4 = R2/R3, the resistance bridge is at a null, regardless of the mode of
excitation (current or voltage, AC or DC), the magnitude of excitation, the mode of
readout (current or voltage), or the impedance of the detector. Therefore, if the ratio
of R2/R3 is fixed at K, a null is achieved when R1 = K'R4. If R1 is unknown and R4
is an accurately determined variable resistance, the magnitude of R1 can be found by
adjusting R4 until null is achieved. Conversely, in sensor-type measurements, R4 may
be a fixed reference, and a null occurs when the magnitude of the external variable
(strain, temperature, etc.) is such that R1 = K'R4.

Null measurements are principally used in feedback systems involving electrome-
chanical and/or human elements. Such systems seek to force the active element (strain
gage, RTD, thermistor, etc.) to balance the bridge by influencing the parameter being
measured.

For the majority of sensor applications employing bridges, however, the deviation of
one or more resistors in a bridge from an initial value is measured as an indication of
the magnitude (or a change) in the measured variable. In this case, the output voltage
change is an indication of the resistance change. Because very small resistance chang-
es are common, the output voltage change may be as small as tens of millivolts, even
with V; = 10 V (a typical excitation voltage for a load cell application).

In many bridge applications, there may be two, or even four, elements that vary.
Figure 4.1.4 shows the four commonly used bridges suitable for sensor applications
and the corresponding
equations which relate

the bridge output voltage
to the excitation voltage
and the bridge resistance
values. In this case, we
assume a constant voltage
drive, VB. Note that since
the bridge output is direct-
ly proportional to VB, the
measurement accuracy can

Ve Ve Ve
R-AR R+AR A R-AR

gle-Element  (B) Element (C) Two-Element (D) All-Element
be no better than that of the Varying Varying (1) Varying (2) Varying
accuracy of the excitation Figure 4.1.4: Output voltage and linearity error
voltage. for constant voltage drive bridge configurations.
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In each case, the value of the fixed bridge resistor, R, is chosen to be equal to the
nominal value of the variable resistor(s). The deviation of the variable resistor(s)
about the nominal value is proportional to the quantity being measured, such as strain
(in the case of a strain gage) or temperature (in the case of an RTD).

The sensitivity of a bridge is the ratio of the maximum expected change in the output
voltage to the excitation voltage. For instance, if Vi = 10V, and the full-scale bridge
output is 10 mV, then the sensitivity is 1 mV/V.

The single-element varying bridge is most suited for temperature sensing using RTDs
or thermistors. This configuration is also used with a single resistive strain gage. All the
resistances are nominally equal, but one of them (the sensor) is variable by an amount
AR. As the equation indicates, the relationship between the bridge output and AR is not
linear. For example, if R = 100 €, and AR = 0.152, (0.1% change in resistance), the out-
put of the bridge is 2.49875 mV for V; = 10 V. The error is 2.50000 mV —2.49875 mV, or
0.00125 mV. Converting this to a percent of full scale by dividing by 2.5 mV yields an
end-point linearity error in percent of approximately 0.05%. (Bridge end-point linear-
ity error is calculated as the worst error in % FS from a straight line which connects the
origin and the end point at ES, i.e. the FS gain error is not included). If AR =1 Q (1%
change in resistance), the output of the bridge is 24.8756 mV, representing an end-point
linearity error of approximately 0.5%. The end-point linearity error of the single-ele-
ment bridge can be expressed in equation form:

Single-Element Varying Bridge End-Point Linearity Error = % Change in Resistance + 2

It should be noted that the above nonlinearity refers to the nonlinearity of the bridge
itself and not the sensor. In practice, most sensors exhibit a certain amount of their
own nonlinearity which must be accounted for in the final measurement.

In some applications, the bridge nonlinearity may be acceptable, but there are various
methods available to linearize bridges. Since there is a fixed relationship between the
bridge resistance change and its output (shown in the equations), software can be used
to remove the linearity error in digital systems. Circuit techniques can also be used to
linearize the bridge output directly, and these will be discussed shortly.

There are two possibilities to consider in the case of the two-element varying bridge.
In the first, Case (1), both elements change in the same direction, such as two identi-
cal strain gages mounted adjacent to each other with their axes in parallel.

The nonlinearity is the same as that of the single-element varying bridge, however
the gain is twice that of the single-element varying bridge. The two-element varying
bridge is commonly found in pressure sensors and flow meter systems.
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A second configuration of the two-element varying bridge, Case (2), requires two
identical elements that vary in opposite directions. This could correspond to two
identical strain gages: one mounted on top of a flexing surface, and one on the bot-
tom. Note that this configuration is linear, and like two-element Case (1), has twice
the gain of the single-element configuration. Another way to view this configuration is
to consider the terms R + AR and R — AR as comprising the two sections of a center-
tapped potentiometer.

The all-element varying bridge produces the most signal for a given resistance change
and is inherently linear. It is an industry-standard configuration for load cells which
are constructed from four identical strain gages.

Bridges may also be driven from constant current sources as shown in Figure 4.1.5.
Current drive, although not as popular as voltage drive, has an advantage when the
bridge is located re-
motely from the source
of excitation because the
wiring resistance does
not introduce errors in
the measurement. Note
also that with constant
current excitation, all

configurations are linear ]

with the exception of the Liﬁ;;ﬁi;"""'ﬁ"t'"i .............................................................................................................................

single-element varying  Error: 0.25%/% 0 0 0

case. " (A) Single-Element  (B) Two-Element (C) Two-Element (D) All-Element
Varying Varying (1) Varying (2) Varying

In summary, there are
many design issues re-
lating to bridge circuits.
After selecting the basic configuration, the excitation method must be determined.
The value of the excitation voltage or current must first be determined. Recall that the
full scale bridge output is directly proportional to the excitation voltage (or current).
Typical bridge sensitivities are 1 mV/V to 10 mV/V. Although large excitation volt-
ages yield proportionally larger full scale output voltages, they also result in higher
power dissipation and the possibility of sensor resistor self-heating errors. On the
other hand, low values of excitation voltage require more gain in the conditioning
circuits and increase the sensitivity to noise.

Figure 4.1.5: Output voltage and linearity error
for constant current drive bridge configurations.
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Regardless of its value, the stability of B Selecting Configuration (1, 2, 4 - Element Varying)
the excitation voltage or current directly B Selection of Voltage or Current Excitation
affects the overall accuracy of the bridge W Stability of Excitation Voltage or Current
output. Stable references and/or ratiometriC m Bridge Sensitivity: FS Output / Excitation Voltage
techniques are required to maintain desired 1mV /V to 10mV/ V Typical

accuracy. B Fullscale Bridge Outputs: 10mV - 100mV Typical

Amp||fy|ng and Linearizing Brldge B Precision, Low Noise Amplification / Conditioning
Outputs Techniques Required

The output of a single-element varying
bridge may be amplified by a single preci-
sion op-amp connected in the inverting Figure 4.1.6: Bridge considerations.
mode as shown in Figure 4.1.7.
This circuit, although simple,

B Linearization Techniques May Be Required

B Remote Sensors Present Challenges

has poor gain accuracy and also Re
unbalances the bridge due to load- Vv
ing from RF and the op amp bias +Vg

current. The RF resistors must

be carefully chosen and matched
to maximize the common mode
rejection (CMR). Also it is dif-
ficult to maximize the CMR while

at the same time allowing dif- Re
ferent gain options. In addition, Ve
the output is nonlinear. The key 2

redeeming feature of the circuit is
that it is capable of single supply
operation and requires a single op
amp. Note that the RF resistor connected to the non-inverting input is returned to Vg/2
(rather than ground) so that both positive and negative values of AR can be accommo-
dated, and the op amp output is referenced to V¢/2.

Figure 4.1.7: Using a single op amp as a bridge
amplitier for a single-element varying bridge.

A much better approach is to use an instrumentation amplifier (in-amp) as shown

in Figure 4.1.8. This efficient circuit provides better gain accuracy (usually set with
a single resistor, RG) and does not unbalance the bridge. Excellent common mode
rejection can be achieved with modern in-amps. Due to the bridge’s intrinsic charac-
teristics, the output is nonlinear, but this can be corrected in the software (assuming
that the in-amp output is digitized using an analog-to-digital converter and followed
by a microcontroller or microprocessor).
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Various techniques are avail-
able to linearize bridges, but it

1s important to distinguish be-
tween the linearity of the bridge
equation and the linearity of the
sensor response to the phenom-
enon being sensed. For example,
if the active element is an RTD,
the bridge used to implement the
measurement might have perfectly
adequate linearity; yet the output

could still be nonlinear due to the Figure 4.1.8: Using an instrumentation amplifier

RTD’s nonlinearity. Manufactur- with a single-element varying bridge.
ers of sensors employing bridges

address the nonlinearity issue in a variety of ways, including keeping the resistive
swings in the bridge small, shaping complementary nonlinear response into the active
elements of the bridge, using resistive trims for first-order corrections, and others.

* SEE TEXT REGARDING
SINGLE-SUPPLY OPERATION

Figure 4.1.9 shows a single-element varying active bridge in which an op amp pro-
duces a forced null, by adding a voltage in series with the variable arm. That voltage
is equal in magnitude and opposite in polarity to the incremental voltage across the
varying element and is linear with AR. Since it is an op amp output, it can be used as
a low impedance output point for the bridge measurement. This active bridge has a
gain of two over the standard single-element varying bridge, and the output is linear,
even for large values of AR. Because of the small output signal, this bridge must usu-
ally be followed by a second amplifier.

The amplifier used in this circuit re- l
quires dual supplies because its output
must go negative.

R+AR AR
Vour - Vo] ¢

o]

Figure 4.1.9: Linearizing a single-element
varying bridge method 1.
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Another circuit for linearizing a single-
element varying bridge is shown in
Figure 4.1.10. The bottom of the bridge
is driven by an op amp, which main-
tains a constant current in the varying
resistance element. The output signal

is taken from the right hand leg of the
bridge and amplified by a non-inverting
op amp. The output is linear, but the cir-
cuit requires two op amps which must

operate on dual supplies. In addition, Figure 4.1.10: Linearizing a single-
R1 and R2 must be matched for accu- element varying bridge method 2.
rate gain.

A circuit for linearizing a voltage-driven two-element varying bridge is shown in Fig-
ure 4.1.11. This circuit is similar to Figure 4.1.9 and has twice the sensitivity. A dual
supply op amp is required. Additional gain may be necessary.

.

Ve

Figure 4.1.11: Linearizing a two-element
varying bridge method 1 (constant
voltage drive).

Vout = —VB[%]
0

The two-element varying bridge circuit in Figure 4.1.12 uses an op amp, a sense resis-
tor, and a voltage reference to maintain a constant current through the bridge

(IB = VREF/ RSENSE)'

The current through each leg of the bridge remains constant (I/2) as the resistances
change; therefore the output is a linear function of AR. An instrumentation amplifier
provides the additional gain. This circuit can be operated on a single supply with the
proper choice of amplifiers and signal levels.
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Figure 4.1.12: Linearizing a two-
element varying bridge method 2
(constant voltage drive).

* SEE TEXT REGARDING
SINGLE-SUPPLY OPERATION

Driving Bridges
Wiring resistance and noise pickup are the biggest problems associated with remotely
located bridges. Figure 4.1.13 shows a 350 € strain gage which is connected to the
rest of the bridge circuit by 100 feet of 30 gage twisted pair copper wire. The resis-
tance of the wire at 25°C
1s 0.105 Q/ft, or 10.5 Q
for 100ft. The total lead
resistance in series with
the 350 €2 strain gage

+0V 100 FEET, 30 GAGE COPPER WIRE = 10.50 @ 25°C
TC =0.385%/°C

ASSUME +10°C TEMPERATURE CHANGE
NUMBERS IN () ARE @ +35°C

+ . Rigap 10.50 (10.9040)

3500 — 353.5Q FS

is therefore 21 €. The Vo o ~——
. 0 — 23.45mV R STRAIN GAGE
temperature coefficient (5.44mV —> 28.83mV) | )

of the copper wire is

) Reomp R gap 10.50 (10.9040)
0.385%/°C. Now we will 210 Y i, AN
calculate the gain and \V4
Offset error il'l the brldge OFFSET ERROR OVER TEMPERATURE = +23%FS
Output due to a + 1 OOC GAIN ERROR OVER TEMPERATURE = -0.26%FS
temperature rise in the Figure 4.1.13: Errors produced by wiring resistance
cable. These calcula- for remote resistive bridge sensor.

tions are easy to make,
because the bridge output voltage is simply the difference between the output of two
voltage dividers, each driven from a +10 V source.

The full-scale variation of the strain gage resistance (with flex) above its nominal

350 Q value is +1% (+3.5 Q), corresponding to a full-scale strain gage resistance of
353.5 Q, which causes a bridge output voltage of +23.45 mV. Notice that the addi-
tion of the 21 Q R,presistor compensates for the wiring resistance and balances the
bridge when the strain gage resistance is 350 2. Without Ry the bridge would have

39



Chapter 4

an output offset voltage of 145.63 mV for a nominal strain gage resistance of 350 €.
This offset could be compensated for in software just as easily, but for this example,
we chose to do it with Regyp

Assume that the cable temperature increases +10°C above nominal room temperature.
This results in a total lead resistance increase of +0.404 € (10.5 Q x 0.00385/°C x
10°C) in each lead. Note: The values in parentheses in the diagram indicate the val-
ues at +35°C. The total additional lead resistance (of the two leads) is +0.808 Q. With
no strain, this additional lead resistance produces an offset of +5.44 mV in the bridge
output. Full-scale strain produces a bridge output of +28.83 mV (a change of +23.39
mV from no strain). Thus the increase in temperature produces an offset voltage error
of +5.44 mV (+23% full scale) and a gain error of —0.06 mV (23.39 mV —23.45 mV),
or —0.26% full scale. Note that these errors are produced solely by the 30 gage wire,
and do not include any temperature coefficient errors in the strain gage itself.

The effects of wiring resistance on the bridge output can be minimized by the 3-
wire connection shown in Figure 4.1.14. We assume that the bridge output voltage
is measured by a high
impedance device,
therefore there is no cur-
rent in the sense lead.
Note that the sense lead
measures the voltage

OV 100 FEET, 30 GAGE COPPER WIRE = 10.50 @ 25°C
TC =0.385%/°C

ASSUME +10°C TEMPERATURE CHANGE
NUMBERS IN () ARE @ +35°C

Ry gap 10.5Q (10.9040)

. 0 — 24.15mV [ STRAIN GAGE
OUtput Of a leIder: the 3500 o :24:1 Imv) { :. ‘_\/\I/\= ° 3500 — 353.50 F8
top half is the bridge H\ Re.ap 10,502 (10.9040)
resistor plus the lead L VN
resistance, and the bot- %
tom half iS Strail’l gage OFFSET ERROR OVER TEMPERATURE = 0%FS
resistance plus the lead GAIN ERROR OVER TEMPERATURE = -0.08%FS
resistance. The nominal Figure 4.1.14: 3-wire connection to remote bridge
sense voltage is there- element (single-element varying).

fore independent of the
lead resistance. When the strain gage resistance increases to full scale (353.5 €,), the
bridge output increases to +24.15 mV.

Increasing the temperature to +35°C increases the lead resistance by +0.404 € in
each half of the divider. The full scale bridge output voltage decreases to +24.13 mV
because of the small loss in sensitivity, but there is no offset error. The gain error due
to the temperature increase of +10°C is therefore only —0.02 mV, or —0.08% of full
scale. Compare this to the +23% full scale offset error and the —0.26% gain error for
the two-wire connection shown in Figure 4.1.13.
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The three-wire method works well for remotely located resistive elements which
make up one leg of a single-element varying bridge. However, all-element varying
bridges generally are housed in a complete assembly, as in the case of a load cell.
When these bridges are remotely located from the conditioning electronics, special
techniques must be used to maintain accuracy.

Of particular concern is maintaining the accuracy and stability of the bridge excitation
voltage. The bridge output is directly proportional to the excitation voltage, and any
drift in the excitation voltage produces a corresponding drift in the output voltage.

For this reason, most all-element varying bridges (such as load cells) are six-lead
assemblies: two leads for the bridge output, two leads for the bridge excitation, and
two sense leads. This method (called

Kelvin or 4-wire sensing) is shown in +FORCE o[ Ve
Figure 4.1.15. The sense lines go to high : RN :

impedance op amp inputs, so there is GLEAD | +SENSE | . z
minimal error due to the bias current BRIDSE v

induced voltage drop across their lead % , > Vo
resistance. The op amps maintain the WV ”
required excitation voltage to make the CSENSE  \A ;

voltage measured between the sense _ FORGE "-.“ RieAD -

leads always equal to V. Although W

Kelvin sensing eliminates errors due to :
voltage drops in the wiring resistance,

the drive voltages must still be highly Figure 4.1.15: Kelvin (4-wire) sensing
stable since they directly affect the minimizes errors due to lead resistance.

bridge output voltage. In addition, the op
amps must have low offset, low drift, and low noise.

The constant current excitation method shown in Figure 4.1.16 is another method for
minimizing the effects of wiring resistance on the measurement accuracy. However,
the accuracy of the reference, the sense resistor, and the op amp all influence the over-
all accuracy.

A very powerful ratiometric technique which includes Kelvin sensing to minimize
errors due to wiring resistance and also eliminates the need for an accurate excita-
tion voltage is shown in Figure 4.1.17. The AD7730 measurement ADC can be driven
from a single supply voltage which is also used to excite the remote bridge. Both the
analog input and the reference input to the ADC are high impedance and fully dif-
ferential. By using the + and — SENSE outputs from the bridge as the differential
reference to the ADC, there is no loss in measurement accuracy if the actual bridge
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excitation voltage varies. The AD7730 is one of a family of sigma-delta ADCs with
high resolution (24 bits) and internal programmable gain amplifiers (PGAs) and is
ideally suited for bridge applications. These ADCs have self- and system calibra-

tion features which allow offset and gain errors due to the ADC to be minimized.

For instance, the AD7730 has an offset drift of 5 nV/°C and a gain drift of 2 ppm/°C.
Offset and gain errors can be reduced to a few microvolts using the system calibration
feature.

RN + VREr
-1 /7 .
AV Figure 4.1.16: Constant current
:' RLEAD‘: . B .o . .
4LEAD / ! - exc_/tat/on minimizes wiring
BRIDGE ; ' resistance errors.
VW >
VW »Yo

+FORCE N ++5v ‘+5v1+3v
{ Rigap, AVpp  DVpp
G-LEAD | sENSE |
BRIDGE A V4 Ver
! AD7730
! vt Al ADC
: S—=-AN  24BITS
Z SENSE ! i v
. .. . : H = YREF
Figure 4.1.17: Driving remote bridge - :
using Kelvin (4-wire) sensing and L ND
ratiometric connection to ADC. -FORCE &0
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Maintaining an accuracy of 0.1% or better with a full-scale bridge output voltage
of 20 mV requires that the sum of all offset errors be less than 20 pV. Figure 4.1.18
shows some typical sources of offset error that are inevitable in a system. Parasitic
thermocouples whose junctions

are at different temperatures can THZRN;;.?;?P: tfr‘:o_LTTQGE

generate voltages between a few +Vy \

and tens of microvolts for a 1°C /ﬁ/\i K o \_,:s
temperature differential. The L 4} +
diagram shows a typical parasitic v_° N\ ey
junction formed between the cop- / / >

per printed circuit board traces and COPPER  KOVAR

the kovar pins of the IC amplifier. TRACES PINS

This thermocouple voltage is about  Figure 4.1.18: Typical sources of offset voltage.
35 uV/°C temperature differential.

The thermocouple voltage is significantly less when using a plastic package with a
copper lead frame.

The amplifier offset voltage and bias current are other sources of offset error. The am-
plifier bias current must flow through the source impedance. Any unbalance in either
the source resistances or the bias currents produce offset errors. In addition, the offset
voltage and bias currents are a function of temperature. High performance low offset,
low offset drift, low bias current, and low noise precision amplifiers are required. In
some cases, chopper-stabilized amplifiers may be the only solution.

1 1 1 Egs = SUM OF ALL OFFSET ERRORS
AC bridge excitation as NORMAL os

shown in Figure 4.1.19 can DRIVE

E
VOLTAGES os

+ O
Ny

+Vg
effectively remove offset /4/\7\ - S
. . . = +
voltages in series with the 2 A0S
bridge output. The concept is
simple. The net bridge output V= Vg = (Vo + Eng) (- Vo + Eog) =2 Ve
?\A )
\1\/;)\

voltage is measured under
REVERSE

two conditions as shown. The DRIVE
VOLTAGES

EOS
- N
o/
Vo Vg=-Vg +Egg

first measurement yields a

measurement V,, where V, is
the sum of the desired bridge
output voltage V, and the net

offset error voltage Eos. The Figure 4.1.19: AC excitation minimizes offset errors.
polarity of the bridge excita-

tion is reversed, and a second measurement Vy is made. Subtracting V from V, yields
2V,, and the offset error term E4 cancels as shown.
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Obviously, this technique
requires a highly accurate
measurement ADC (such

as the AD7730) as well as a
microcontroller to perform

the subtraction. If a ratiomet- A
ric reference is desired, the
ADC must also accommodate
the changing polarity of the
reference voltage. Again, the
AD7730 includes this capa-
bility.

Vizg —*

Va2 Q1,02 0N Q1,02 ON

P-Channel and N-Channel Vs4  [ozasoN|  [asaeoN]
MOSFETsS can be configured

as an AC bridge driver as

Figure 4.1.20: Simplified AC bridge drive circuit.

shown in Figure 4.1.20. Dedicated bridge driver chips are also available, such as the
Micrel MIC4427. Note that because of the on-resistance of the MOSFETSs, Kelvin
sensing must be used in these applications. It is also important that the drive signals
be non-overlapping to prevent excessive MOSFET switching currents. The AD7730
ADC has on chip circuitry to generate the required non-overlapping drive signals for
AC excitation.
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4.2 Amplifiers for Signal Conditioning
Introduction

This section examines the critical parameters of amplifiers for use in precision signal
conditioning applications. Offset voltages for precision IC op amps can be as low

as 10 uV with corresponding temperature drifts of 0.1 uV/°C. Chopper stabilized op
amps provide offsets and offset voltage drifts which cannot be distinguished from
noise. Open loop gains greater than 1 million are common, along with common mode
and power supply rejection ratios of the same magnitude. Applying these precision
amplifiers while maintaining the amplifier performance can present significant chal-
lenges to a design engineer, i.e., external passive component selection and PC board
layout.

It is important to understand that DC open-loop gain, offset voltage, power supply
rejection (PSR), and common mode rejection (CMR) should not be the only con-
siderations in selecting precision amplifiers. The AC performance of the amplifier is
also important, even at “low” frequencies. Open-loop gain, PSR, and CMR all have
relatively low corner frequencies, and therefore what may be considered “low” fre-
quency may actually fall above these corner frequencies, increasing errors above the
value predicted solely by the DC parameters. For example, an amplifier having a DC
open-loop gain of 10 million and a unity-gain crossover frequency of 1 MHz has a
corresponding corner frequency of 0.1 Hz! One must therefore consider the open loop
gain at the actual signal frequency. The relationship between the single-pole unity-
gain crossover frequency, f,, the signal frequency, f;,, and the open-loop gain AVOL(fSig)
(measured at the signal frequency) is given by:

A
Avor (fsig) = Eq.4.2.1
f;ig
In the example above, the open loop gain is 10 at 100 kHz, and 100,000 at 10 Hz.
Loss of open loop gain at the frequency of interest can introduce distortion, especially
at audio frequencies. Loss of CMR or PSR at the line frequency or harmonics thereof

can also introduce errors.

The challenge of selecting the right amplifier for a particular signal condition-

ing application has been complicated by the sheer proliferation of various types of
amplifiers in various processes (Bipolar, Complementary Bipolar, BiFET, CMOS,
BiCMOS, etc.) and architectures (traditional op amps, instrumentation amplifiers,
chopper amplifiers, isolation amplifiers, etc.) In addition, a wide selection of preci-
sion amplifiers are now available which operate on single supply voltages, which
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B Input Offset Voltage <100pv complicates the design process even
® Input Offset Voltage Drift <IVFC further because of the reduced signal
B Input Bias Current <2nA . .
m Input Offset Current <o swm.gs.and voltage input and outp}lt
B DC Open Loop Gain 1,000,000 restrictions. Offset voltage and noise
B Unity Gain Bandwidth Product, f,  500kHz - SMHz are now a more significant portion
B Always Check Open Loop Gain at Signal Frequencyl of the input signal. Selection guides
W 1/ (0.1Hz to 10Hz) Noise <1pV p-p and parametric search engines which
W Wideband Noise <10nViHz can simplify this process somewhat
® CMR,PSR >10048 are available on the Internet (http:/
® Single Supply Operation www.analog.com) as well as on CD-
W Power Dissipation ROM. Other manufacturers have

Figure 4.2.1: Amplifiers for signal conditioning. similar information available.

In this section, we will first look at some key performance specifications for precision
op amps. Other amplifiers will then be examined such as instrumentation amplifiers,
chopper amplifiers, and isolation amplifiers. The implications of single supply opera-
tion will be discussed in detail because of their significance in today’s designs, which
often operate from batteries or other low power sources.

Precision Op Amp Characteristics
Input Offset Voltage

Input offset voltage error is usually one of the largest error sources for precision am-
plifier circuit designs. However, it is a systemic error and can usually be dealt with by
using a manual offset null trim or by system calibration techniques using a microcon-
troller or microprocessor. Both solutions carry a cost penalty, and today’s precision op
amps offer initial offset voltages as low as 10 uV for bipolar devices, and far less for
chopper stabilized amplifiers. With low offset amplifiers, it is possible to eliminate the
need for manual trims or system calibration routines.

Measuring input offset voltages ,s;'\:m‘g
of a few microvolts requires that

the test circuit does not introduce
more error than the offset voltage J.

R1, 10Q

100

itself. Figure 4.2.2 shows a circuit

for measuring offset voltage. The VY

circuit amplifies the input offset 10K

voltage by the noise gain (1001). O or 2 104V maximum

The measurement is made at the Vog DRIFT = 0.14V/°C maximum
amplifier output using an accurate Vos STABILITY = 0.2uVimonth typical
digital voltmeter. The offset re- Figure 4.2.2: Measuring input offset voltage.
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ferred to the input (RTI) is calculated by dividing the output voltage by the noise gain.
The small source resistance seen at R1||R2 results in negligible bias current contribu-
tion to the measured offset voltage. For example, 2 nA bias current flowing through
the 10 € resistor produces a 0.02 uV error referred to the input.

As simple as it looks, this circuit may give inaccurate results. The largest potential
source of error comes from parasitic thermocouple junctions formed where two dif-
ferent metals are joined. The thermocouple voltage formed by temperature difference
between two junctions can range from 2 uV/°C to more than 40 pV/°C. Note that in
the circuit additional resistors have been added to the non-inverting input in order to
exactly match the thermocouple junctions in the inverting input path.

The accuracy of the measurement depends on the mechanical layout of the components
and how they are placed on the PC board. Keep in mind that the two connections of

a component such as a resistor create two equal, but opposite polarity thermoelectric
voltages (assuming they are connected to the same metal, such as the copper trace on a
PC board) which cancel each other assuming both are at exactly the same temperature.
Clean connections and short lead lengths help to minimize temperature gradients and
increase the accuracy of the measurement.

Airflow should be minimal so that all the thermocouple junctions stabilize at the same
temperature. In some cases, the circuit should be placed in a small closed container

to eliminate the effects of external air currents. The circuit should be placed flat on a
surface so that convection currents flow up and off the top of the board, not across the
components as would be the case if the board was mounted vertically.

Measuring the offset voltage shift over temperature is an even more demanding chal-
lenge. Placing the printed circuit board containing the amplifier being tested in a
small box or plastic bag with foam insulation prevents the temperature chamber air
current from causing thermal gradients across the parasitic thermocouples. If cold
testing is required, a dry nitrogen purge is recommended. Localized temperature
cycling of the amplifier itself using a Thermostream-type heater/cooler may be an
alternative. However, these units tend to generate quite a bit of airflow, which can be
troublesome.

In addition to temperature related drift, the offset voltage of an amplifier changes

as time passes. This aging effect is generally specified as long-term stability in pV/
month, or uV/1000 hours, but this is misleading. Since aging is a “drunkard’s walk”
phenomenon, it is proportional to the square root of the elapsed time. An aging rate of
1 uV/1000 hours becomes about 3 uV/year, not 9 uV/year. Long-term stability of the
OP177 and the AD707 is approximately 0.3 uV/month. This refers to a time period
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after the first 30 days of operation. Excluding the initial hour of operation, changes in
the offset voltage of these devices during the first 30 days of operation are typically
less than 2 pV.

As a general rule of thumb, it is prudent to control amplifier offset voltage by device
selection whenever possible, bus sometimes trim may be desired. Many precision op
amps have pins available for optional offset null. Generally, two pins are joined by a
potentiometer, and the wiper goes to one of the supplies through a resistor as shown in
Figure 4.2.3. If the wiper is connected to the wrong supply, the op amp will probably
be destroyed, so the data sheet instructions must be carefully observed! The range of
offset adjustment in a precision op amp should be no more than two or three times the
maximum offset voltage of the lowest grade device, in order to minimize the sensitiv-
ity of these pins. The voltage gain
of an op amp between its offset
adjustment pins and its output may
actually be greater than the gain

at its signal inputs! It is therefore
very important to keep these pins
free of noise. It is inadvisable to
have long leads from an op amp to
a remote potentiometer. To mini-
mize any offset error due to supply
current, connect R1 directly tothe = R1= 0, R1=20kQ, OFFSET ADJUST RANGE = 3mV

pertinent device supply pin, such Figure 4.2.3: OP177/AD707 offset
as pin 7 shown in the diagram. adjustment pins.

W R1=10k;, R2=2kQO, OFFSET ADJUST RANGE = 200pV

It is important to note that the

offset drift of an op amp with temperature will vary with the setting of its offset ad-
justment. In most cases a bipolar op amp will have minimum drift at minimum offset.
The offset adjustment pins should therefore be used only to adjust the op amp’s own
offset, not to correct any system offset errors, since this would be at the expense of
increased temperature drift. The drift penalty for a JFET input op amp is much worse
than for a bipolar input and is in the order of 4 uV/°C for each millivolt of nulled
offset voltage. It is generally better to control the offset voltage by proper selection
of devices and device grades. Dual, triple, quad, and single op amps in small pack-
ages do not generally have null capability because of pin count limitations, and offset
adjustments must be done elsewhere in the system when using these devices. This
can be accomplished with minimal impact on drift by a universal trim, which sums a
small voltage into the input.
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Input Offset Voltage and Input Bias Current Models

Thus far, we have considered only the op amp input offset voltage. However, the input
bias currents also contribute to offset error as shown in the generalized model of Fig-
ure 4.2.4. It is useful to refer all

offsets to the op amp input (RTI) AN AN FROM -
so that they can be easily com- B R | ——» R2 NOISE GAIN =
NG= 1+

pared with the input signal. The
equations in the diagram are given
for the total offset voltage referred
to input (RTI) and referred to

output (RTO). B OFFSET (RTO)=V°5|E+%:| + g R3E +%] - IpR2

For a precision op amp having a

R1

> O Vour

GAINFROM _ _R2
~B" TO OUTPUT R1

. . . B OFFSET(RTI) = Vg + IgR3 . RR11;R:2
Standard blpOlar IHPUt Stage uSIHg FOR BIAS CURRENT CANCELLATION:
either PNPs or NPNs, the input OFFSET(RT) = Voe IF ho= I, AND R3 = RT-R2
os B+ B- R1+R2

bias currents are typically 50 nA
to 400 nA and are well matched. Figure 4.2.4: Op amp total offset voltage model.
By making R3 equal to the paral-

lel combination of R1 and R2, their effect on the net RTI and RTO offset voltage is
approximately canceled, thus leaving the offset current, i.e., the difference between
the input currents as an error. This current is usually an order of magnitude lower than
the bias current specification. This scheme, however, does not work for bias-current
compensated bipolar op amps (such as the OP177 and the AD707) as shown in Figure
4.2.5. Bias-current compensated input stages have most of the good features of the
simple bipolar input stage: low offset and drift, and low voltage noise. Their bias cur-
rent is low and fairly stable over temperature. The additional current sources reduce
the net bias currents typically to between 0.5 nA and 10 nA. However, the signs of
the + and — input bias currents

may or may not be the same, UNCOMPENSATED COMPENSATED

and they are not well matched,

but are very low. Typically,

the specification for the offset Vin Vin
current (the difference between  © o
the + and — input bias currents) @ @

in bias-current compensated

. B MATCHED BIAS CURRENTS B LOW, UNMATCHED BIAS CURRENTS
op amps is generally about the B SAME SIGN B CAN HAVE DIFFERENT SIGNS
e qee . B 50nA - 10pA B 0.5nA - 10nA
same as the individual bias B 50pA - 5nA (Supsr Beta) ® HIGHER CURRENT NOISE
u | «<| A
currents. In the case of the OFFSET " BIAS " lorrser ~ laias
standard bipolar differential Figure 4.2.5: Input bias current compensated op amps.
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pair with no bias-current compensation, the offset current specification is typically
five to ten times lower than the bias current specification.

DC Open Loop Gain Nonlinearity

It is well understood that in order to maintain accuracy, a precision amplifier’s DC
open loop gain, Ay, , should be high. This can be seen by examining the equation for
the closed loop gain:

NG
14 NG
VoL

Closed Loop Gain = Ay = Eq.4.2.2

Noise gain (NG) is simply the gain seen by a small voltage source in series with the
op amp input and is also the amplifier signal gain in the noninverting mode. If Ay,
in the above equation is infinite, the closed loop gain is exactly equal to the noise
gain. However, for finite values of Ay, there is a closed loop gain error given by
the equation:

NG NG

% Gain Error= ———— x 100% =
NG + AVOL VOL

x 100%, for NG << Ay,

Eq. 4.2.3

Notice from the equation that the percent gain error is directly proportional to the
noise gain, therefore the effects of finite Ay, are less for low gain. The first example
in Figure 4.2.6 where the noise gain is 1000 shows that for an open loop gain of 2
million, there is a gain error of about 0.05%. If the open loop gain stays constant over
temperature and for various output loads and voltages, the gain error can be calibrated
out of the measurement, and there is then no overall system gain error.

B "IDEAL" CLOSED LOOP GAIN = NOISE GAIN = NG

NG
B ACTUAL CLOSED LOOP GAIN = ‘H—T

AyoL
NG NG
B % CLOSED LOOP GAIN ERROR = 100% =~ x 100%
NG + AyoL AvoL

B Assume Ayg, = 2,000,000, NG = 1,000
%GAIN ERROR = 0.05%

B Assume Ayq Drops to 300,000
%GAIN ERROR =~ 0.33%

B CLOSED LOOP GAIN UNCERTAINTY
=0.33% - 0.05% = 0.28%

Figure 4.2.6: Changes in DC open loop gain
cause closed loop gain uncertainty.
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If, however, the open loop gain changes, the closed loop gain will also change,
thereby introducing a gain uncertainty. In the second example in the figure, an Ayq;.
decrease to 300,000 produces a gain error of 0.33%, introducing a gain uncertainty
of 0.28% in the closed loop gain. In most applications, using the proper amplifier, the
resistors around the circuit will be the largest source of gain error.

Changes in the output voltage level and the output loading are the most common
causes of changes in the open loop gain of op amps. A change in open loop gain with
signal level produces nonlinearity in the closed loop gain transfer function which
cannot be removed during system calibration. Most op amps have fixed loads, so Ayq;.
changes with load are not generally important. However, the sensitivity of Ay, to
output signal level may increase for higher load currents.

The severity of the nonlinearity varies widely from device type to device type, and is
generally not specified on the data sheet. The minimum A, is always specified, and
choosing an op amp with a high A, will minimize the probability of gain nonlinear-
ity errors. Gain nonlinearity can come from many sources, depending on the design of
the op amp. One common source is thermal feedback. If temperature shift is the sole
cause of the nonlinearity error, it can be assumed that minimizing the output loading
will help. To verify this, the nonlinearity is measured with no load and then compared
to the loaded condition.

An oscilloscope X-Y display test circuit for measuring DC open loop gain nonlinear-
ity is shown in Figure 4.2.7. The same precautions previously discussed relating to the
offset voltage test circuit must be observed in this circuit. The amplifier is configured
for a signal gain of —1. The open loop gain is defined as the change in output voltage
divided by the change in the input offset voltage. However, for large values of Ay, ,
the offset may change only a few microvolts over the entire output voltage swing.
Therefore the divider consisting of the 10 Q resistor and Ry (1 MQ) forces the voltage
V, tobe:

Y

R
V, = [“10—;}]"@5 =100,001eV, Eq.4.24

The value of R is chosen to give measurable voltages at V, depending on the expect-
ed values of V.

The £10 V ramp generator output is multiplied by the signal gain, —1, and forces the
op amp output voltage Vy to swing from +10 V to —10 V. Because of the gain factor
applied to the offset voltage, the offset adjust potentiometer is added to allow the ini-
tial output offset to be set to zero. The resistor values chosen will null an input offset
voltage of up to £10 mV. Stable 10 V voltage references should be used at each end
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of the potentiometer to prevent output drift. Also, the frequency of the ramp generator
must be quite low, probably no more than a fraction of 1 Hz because of the low corner
frequency of the open loop gain (0.1 Hz for the OP177).

v
10k T Y 10k Vy = 100001-Vog
|- NONLINEAR

Re
oV M

RAMP IDEAL

Vx
AVy
AvoL= Ty .

~VRer *+VRer
—10° +10'
~10V) 10k0 (+10V)

OFFSET ADJUST

OPEN LOOP GAIN:|
(Multi-Turn Film-Type)

=~ NGe
CLOSED LOOP GAIN |: NONLINEARITY
NONLINEARITY 1
ol ]

AvoLmin  AvoL max

Figure 4.2.7: Circuit measures open loop gain nonlinearity.

The plot on the right-hand side of Figure 4.2.7 shows V plotted against V. If there
1s no gain nonlinearity the graph will have a constant slope, and A, is calculated as
follows:

A R A A
A, = AVy _ 1+—5 AVy | 100,001 e Vy Eq.4.2.5
AV, 10Q || AV, AV,

os Y

If there is nonlinearity, Ay, will vary as the output signal changes. The approximate
open loop gain nonlinearity is calculated based on the maximum and minimum values

of Ay, over the output voltage range:

Open Loop Gain Nonlinearity = b1 Eq.4.2.6

VOL.MIN AVOL,MAX

The closed loop gain nonlinearity is obtained by multiplying the open loop gain non-
linearity by the noise gain, NG:

1 1
Closed Loop Gain Nonlinearity = NG [ - ] Eq.4.2.7

VOL,MIN AVOL MAX

In the ideal case, the plot of V4 versus Vy would have a constant slope, and the recip-
rocal of the slope is the open loop gain, Ay, . A horizontal line with zero slope would
indicate infinite open loop gain. In an actual op amp, the slope may change across the
output range because of nonlinearity, thermal feedback, etc. In fact, the slope can even
change sign.
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Figure 4.2.8 shows the V, (and
Vos) versus Vy plot for the OP177

precision op amp. The plot is 50m\‘ll‘fDIV.
shown for two different loads, 2
k€ and 10 k€. The reciprocal of Vos

the slope is calculated based on (0.5uV / DIV.)
the end points, and the average (RTH
Ayp, 1s about 8 million. The maxi-

-10V 0 +10V

mum and minimum values of Ay, Vy = OUTPUT VOLTAGE

across the output voltage range are AyoL (AVERAGE) ~ 8 million

measured to be approximately 9.1 AyoLmax ~ 9.1 million, Ayoy iy ~ 5.7million
million, and 5.7 million, respec- OPEN LOOP GAIN NONLINEARITY  ~ 0.07ppm

. . CLOSED LOOP GAIN NONLINEARITY ~ NGx0.07ppm
tively. This corresponds to an open

loop gain nonlinearity of about Figure 4.2.8: OP177 gain nonlinearity.
0.07ppm. Thus, for a noise gain of
100, the corresponding closed loop gain nonlinearity is about 7ppm.

Op Amp Noise

The three noise sources in an op amp circuit are the voltage noise of the op amp, the
current noise of the op amp (there are two uncorrelated sources, one in each input),
and the Johnson noise of the resistances in the circuit. Op amp noise has two com-
ponents, “white” noise at medium frequencies and low frequency “1/f” noise, whose
spectral density is inversely proportional to the square root of the frequency. It should
be noted that, though both the voltage and the current noise may have the same char-
acteristic behavior, in a

. . INPUT VOLTAGE NOISE,nV / VHz 0.1Hz to 10Hz VOLTAGE NOISE
particular amplifier the

. 30 z
1/f corner frequency is |
not necessarily the same i
f 1 d ...... . 1/F CORNER ......|
or voltage and current Fo=0.7Hz 200nV

noise (it is usually speci- 15 [ B

. A}
fied for the voltage noise 10 o 49 oSSR LS X2 o 0 O A O B T
as shown in Figure 4.2.9. 5

. 0.1 1 10 100 TIME — 1sec/DIV.
The low frequency noise FREQUENCY (Hz)

is generally known as 1/f BV, (F F) = Ve Fo '”I:E*H:IJ' (FumF)

No1se (the No1S€ power B For F_ = 0.1Hz, F, = 10Hz, v,,, = 10nVAHz, F; = 0.7Hz:
obeys a 1/f law—the ® V.= 36nV

noise voltage or noise ¢ Vogp =66 36nV =238V
current is proportional Figure 4.2.9: Input voltage noise for OP177/AD707.

n.pp
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to 1/Nf). The frequency at which the 1/f noise spectral density equals the white noise
is known as the I/f corner frequency, Fc, and is a figure of merit for an op amp, with
low corner frequencies indicating better performance. Values of 1/f corner frequency
vary from less than 1 Hz high accuracy bipolar op amps like the OP177/AD707,
several hundred Hz for the AD743/745 FET-input op amps, to several thousands of
Hz for some high speed op amps where process compromises favor high speed rather
than low frequency noise.

For the OP177/AD707 shown in Figure 4.2.9, the 1/f corner frequency is 0.7 Hz, and
the white noise is 10 nV/VHz. The low frequency 1/f noise is often expressed as the
peak-to-peak noise in the bandwidth 0.1 Hz to 10 Hz as shown in the scope photo in
Figure 4.2.9. Note that this noise ultimately limits the resolution of a precision mea-
surement system because the bandwidth up to 10 Hz is usually the bandwidth of most
interest. The equation for the total rms noise, V in the bandwidth F, to F,; is given
by the equation:

n,rms?

L

Vow(FyF)=v,, \/FC 1n [%:|+(FH -F,) Eq.4.2.8

where vy 1s the noise spectral density in the “white noise” region (usually speci-
fied at a frequency of 1 kHz), F.. is the 1/f corner frequency, and F; and F,; is the
measurement bandwidth of interest. In the example shown, the 0.1 Hz to 10 Hz noise
is calculated to be 36nV rms, or approximately 238 nV peak-to-peak, which closely
agrees with the scope photo on the right (a factor of 6.6 is generally used to convert
rms values to peak-to-peak values).

It should be noted that at higher frequencies, the term in the equation containing the
natural logarithm becomes insignificant, and the expression for the rms noise be-

comes:
an,rms (FH’ FL) = vnw V FH - FL

And, if F; >> F,,
‘/n,rms (FH) = vnw\/i Eq. 4.29

However, some op amps (such as the OP07 and OP27) have voltage noise character-
istics that increase slightly at high frequencies. The voltage noise versus frequency
curve for op amps should therefore be examined carefully for flatness when calculat-
ing high frequency noise using this approximation.
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At very low frequencies when operating exclusively in the 1/f region, F. >> (F; — F)),
and the expression for the rms noise reduces to:

/ F
an,rms (FH’ L) = Vnw FC ln[FH] Eq. 4.2.10
L

Note that there is no way of reducing this 1/f noise by filtering if operation extends to
DC. Making F,; = 0.1 Hz and F, = 0.001 still yields an rms 1/f noise of about 18 nV
rms, or 119 nV peak-to-peak.

The point is that averaging the results of a large number of measurements taken over
a long period of time has practically no effect on the error produced by 1/f noise. The
only method of reducing it further is to use a chopper stabilized op amp which does
not pass the low frequency noise components.

A generalized noise model for an op amp is shown in Figure 4.2.10. All uncorrelated
noise sources add as a root-sum-of-squares manner, i.e., noise voltages V1, V2, and
V3 give a result of:

JVIE V22 +V3 Eq.4.2.11

Thus, any noise voltage which is more than four or five times any of the others is
dominant, and the others may generally be ignored. This simplifies noise analysis.

In this diagram, the total noise of all sources is shown referred to the input (RTI). The
RTTI noise is useful because it can be compared directly to the input signal level. The
total noise referred to the output (RTO) is obtained by simply multiplying the RTI
noise by the noise gain.

The diagram assumes that the feedback network is purely resistive. If it contains reac-
tive elements (usually capacitors), the noise gain is not constant over the bandwidth of
interest, and more complex techniques must be used to calculate the total noise (see

in particular, Reference 12). However, for precision applications where the feedback
network is most likely to be resistive, the equations are valid.

Notice that the Johnson noise voltage associated with the three resistors has been
included. All resistors have a Johnson noise of 4 kTBR, where k is Boltzmann’s
Constant (1.38 x 10> J/K), T is the absolute temperature, B is the bandwidth in Hz,
and R is the resistance in €. A simple relationship which is easy to remember is that a
1000 Q resistor generates a Johnson noise of 4nVAHz at 25°C.
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The voltage noise of various op amps may vary from under InVAHz to 20nV/NHz,
or even more. Bipolar input op amps tend to have lower voltage noise than JFET
input ones, although it is possible to make JFET input op amps with low voltage
noise (such as the AD743/AD745), at the cost of large input devices and hence large
(~20pF) input capacitance. Current noise can vary much more widely, from around
0.1fA/~NHz (in JEET input electrometer op amps) to several pA/\/HZ (in high speed
bipolar op amps). For bipolar or JFET input devices where all the bias current flows
into the input junction, the current noise is simply the Schottky (or shot) noise of the
bias current. The shot noise spectral density is simply 21, amps/\/Hz, where Ij; is the
bias current (in amps) and q is the charge on an electron (1.6 x 107'° C). It cannot be
calculated for bias-compensated or current feedback op amps where the external bias
current is the difference between two internal current sources.

Current noise is only important when it flows through an impedance and in turn gen-
erates a noise voltage. The equation shown in Figure 4.2.10 shows how the current
noise flowing in the resistors contribute to the total noise. The choice of a low noise
op amp therefore depends on the impedances around it. Consider an OP27, a bias
compensated op amp with low voltage noise (3 nV/AHz), but quite high current noise
(1 pA/\/Hz) as shown in the schematic of Figure 4.2.11. With zero source impedance,
the voltage noise dominates. With a source resistance of 3 k€2, the current noise (1
pA/\/Hz) flowing in 3 k€ will equal the voltage noise, but the Johnson noise of the 3
kQ resistor is 7 nV/VHz and so is dominant. With a source resistance of 300 kQ, the
effect of the current noise increases a hundredfold to 300 nV/Hz, while the voltage
noise is unchanged, and the Johnson noise (which is proportional to the square root of
the resistance) increases tenfold. Here, the current noise dominates.

GAIN FROM -

"A" TO OUTPUT
NOISE GAIN =

NG= 1+ R2
R1

CLOSED
LOOP BW

el O Vour
= ‘oL

GAINFROM _ _ R2

"B" TO OUTPUT R1
\ 4kTR3
R2 2
2 —
Vn + 4kTR3 + 4kTR1|:R1 +R;

B RTI NOISE = VBW . 2 2
+1y,2R3% +1,, 2 |:R1'—R2] + 4kTR2[ R1 ]

R1+ R1+R2
H RTO NOISE = NG * RTI NOISE H BW=1.571fc

Figure 4.2.10: Op amp noise model.
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EXAMPLE: OP27
Voltage Noise = 3nV /Y Hz
Current Noise = 1pA / VHz
T=25°C

Neglect R1 and R2
Noise Contribution

CONTRIBUTION VALUES OF R
FROM 0 o 200k
AMPUIFIER 3 3 3
VOLTAGE NOISE
AMPLIFIER
CURRENT NOISE 0 3 300
FLOWING IN R
JOHNSON 0 7 70
NOISE OF R

RTI NOISE (nV / ¥ Hz)

Dominant Noise Source is Highlighted

Figure 4.2.11: Different noise sources dominate
at different source impedance.

The previous example shows that the choice of a low noise op amp depends on the
source impedance of the input signal, and at high impedances, current noise always
dominates. This is shown in Figure 4.2.12 for several bipolar (OP07, OP27, 741) and
JFET (AD645, AD743, AD744) op amps.

100 T

OP07

741 Re=100Q
744
645

100 T

744 741 Rs = 10kQ

10 S

743

OP27

10 - \
OP07, 743

All Vertical Scales
nV/VHz

744
743
645

—_—

100

10

100 1k 10k

Hz

10k

All Horizontal Scales

Figure 4.2.12: Different amplifiers are best at different source impedance levels.

For low impedance circuitry (generally < 1 k€2), amplifiers with low voltage noise,
such as the OP27 will be the obvious choice, and their comparatively large current
noise will not affect the application. At medium resistances, the Johnson noise of
resistors is dominant, while at very high resistances, we must choose an op amp with
the smallest possible current noise, such as the AD549 or AD645.
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Until recently, BiIFET amplifiers (with JFET inputs) tended to have comparatively
high voltage noise (though very low current noise), and thus were more suitable

for low noise applications in high rather than low impedance circuitry. The AD645,
AD743, and AD745 have very low values of both voltage and current noise. The
AD645 specifications at 10 kHz are 10nV/VHz and 0.6fA/NHz, and the AD743/
AD745 specifications at 10 kHz are 2.0 nV/VHz and 6.9 fA/NHz. These make possible
the design of low noise amplifier circuits which have low noise over a wide range of
source impedances.

Common Mode Rejection and Power Supply Rejection

If a signal is applied equally to both inputs of an op amp so that the differential input
voltage is unaffected, the output should not be affected. In practice, changes in com-
mon mode voltage will produce changes in the output. The common mode rejection
ratio or CMRR is the ratio of the common mode gain to the differential- mode gain
of an op amp. For example, if a differential input change of Y volts will produce a
change of 1 V at the output, and a common mode change of X volts produces a simi-
lar change of 1V, then the CMRR is X/Y. It is normally expressed in dB, and typical
LF values are between 70 and 120 dB. When expressed in dB, it is generally referred
to as common mode rejection (CMR). At higher frequencies, CMR deteriorates—
many op amp data sheets show a plot of CMR versus frequency as shown in Figure
4.2.13 for the OP177/AD707 precision op amps.

160

140

120

CMR 100
dB

CMR =
20 log,y CMRR
80

60

40

20

0

001 014 1 10 100 1k 10k 100k 1M

FREQUENCY - Hz

Figure 4.2.13: OP177/AD707 common mode rejection (CMR).
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CMRR produces a corresponding output offset voltage error in op amps configured in
the non-inverting mode as shown in Figure 4.2.14. Op amps configured in the invert-
ing mode have no CMRR output error because both inputs are at ground or virtual
ground, so there is no common mode voltage, only the offset voltage of the amplifier
if un-nulled.

Vin=Vem

Vour

v, v,
- ERROR (RTh= _SM - _"IN
CMRR  CMRR

R2 v
R1 Vo =1+ B2y , N
ourt Ri IN* CMRR

v,
_ R2 IN
ERROR (RTO) = | 1+ 2 |l corm

Figure 4.2.14: Calculating offset error due to common mode rejection ratio (CMRR).

pS

If the supply of an op amp changes, its output should not, but it will. The specifica-
tion of power supply rejection ratio or PSRR 1is defined similarly to the definition of
CMRR. If a change of X volts in the supply produces the same output change as a
differential input change of Y volts, then the PSRR on that supply is X/Y. When the
ratio is expressed in dB, it is generally referred to as power supply rejection, or PSR.
The definition of PSRR assumes that both supplies are altered equally in opposite
directions—otherwise the change will introduce a common mode change as well as a
supply change, and the analysis becomes considerably more complex. It is this effect

which causes apparent dif- 160

ferences in PSRR between

the positive and negative MO [

supplies. In the case of 120

single supply op amps, PSR pgg 100 PSR =

is generally defined with B e 20logy PSRR
respect to the change in 6

the positive supply. Many

single supply op amps have 40

separate PSR specifications 20

for the positive and nega- 0

tive supplies. The PSR Of 001 01 1 10 100 1k 10k 100k 1M

the OP177/AD707 is shown FREQUENCY - Hz

in Figure 4.2.15. Figure 4.2.15: OP177/AD707 power supply rejection (PSR).
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The PSRR of op amps is frequency
dependent, therefore power sup-
plies must be well decoupled as
shown in Figure 4.2.16. At low

_ LARGE AREA
~ GROUND PLANE

= LEADLENGTH
frequencies, several devices may MINIMUM
share a 10-50 pF capacitor on each LOCALIZED HF

c1,c2.  DECOUPLING,
LOW INDUCTANCE
CERAMIC, 0.1pF

supply, provided it is no more than
10cm (PC track distance) from any
of them. At high frequencies, each

SHARED LF
IC must have every supply decou- c3,ca:  DECOUPLING,
. : ELECTROLYTIC,

pled by a low inductance capacitor 10 TO 504F

(0.1 pF or so) with short leads and . _
PC tracks. These capacitors must Figure 4.2.16: Proper low and high-frequency
also provide a return path for HF decoupling techniques for op amps.

currents in the op amp load. Decou-

pling capacitors should be connected to a low impedance large area ground plane with
minimum lead lengths. Surface mount capacitors minimize lead inductance and are a
good choice.

Amplifier DC Error Budget Analysis

A room temperature error budget analysis for the OP177A op amp is shown in Fig-
ure 4.2.17. The amplifier is connected in the inverting mode with a signal gain of
100. The key data sheet specifications are also shown in the diagram. We assume an
input signal of 100 mV full scale which corresponds to an output signal of 10 V. The
various error sources are normalized to full scale and expressed in parts per million
(ppm). Note: parts per mil-
lion (ppm) error = fractional

MAXIMUM ERROR CONTRIBUTION, + 25°C
FULLSCALE: V)y=100mV, Vg1 = 10V

error X 10° = % error x 10%, Vos 104V £ 100mV | 100ppm
Io 1000 % 1nA +100mV |  1ppm
Note that the offset errors due :
to Vg and I, and the gain PoL | (10079400 x100mV) Z0ppm
s s . g AvoL 100 % 0.07ppm Topm
error due to finite Ay, can be Nonlinearity
removed with a system cali- 0AHzto 10HZ| 2000+ 100mv | 2ppm
bration. However, the error SPECS @ +25°C: Total
Vos = 104V max Unadjusted | ~13 Blts Accurate | 130ppm
due to open loop gain non- log = 1nA max Error
. . AyoL = 5%10° min
llnearlty cannot be removed Avgt Nonlinearity = 0.07ppm Resolution | 17 Bits Accurate | 9PPmM
. . . 0.1Hz to 10Hz Noise = 200nV Error
with calibration and produces
a relative accuracy error, Figure 4.2.17: Precision op amp (OP177A)
often called resolution error. DC error budget.
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The second contributor to resolution er-
ror is the 1/f noise. This noise is always
present and adds to the uncertainty of
the measurement. The overall relative
accuracy of the circuit at room tem-
perature is 9 ppm which is equivalent to
approximately 17 bits of resolution.

Single Supply Op Amps
Over the last several years, single-
supply operation has become an

B Single Supply Offers:

+ Lower Power
+ Battery Operated Portable Equipment
¢ Requires Only One Voltage

B Design Tradeoffs:

¢ Reduced Signal Swing Increases Sensitivity to Errors
Caused by Offset Voltage, Bias Current, Finite Open-
Loop Gain, Noise, etc.

# Must Usually Share Noisy Digital Supply

¢ Rail-to-Rail Input and Output Needed to Increase Signal
Swing

¢ Precision Less than the best Dual Supply Op Amps
but not Required for All Applications

¢ Many Op Amps Specified for Single Supply, but do not

increasingly important requirement have Rail-to-Rail Inputs or Outputs

because of market requirements. Auto-
motive, set-top box, camera/camcorder,
PC, and laptop computer applications are demanding IC vendors to supply an array of
linear devices that operate on a single supply rail, with the same performance of dual
supply parts. Power consumption is now a key parameter for line or battery operated
systems, and in some instances, more important than cost. This makes low-voltage/
low supply current operation critical; at the same time, however, accuracy and preci-
sion requirements have forced IC manufacturers to meet the challenge of “doing more
with less” in their amplifier designs.

Figure 4.2.18: Single supply amplifiers.

In a single-supply application, the most immediate effect on the performance of an
amplifier is the reduced input and output signal range. As a result of these lower input
and output signal excursions, amplifier circuits become more sensitive to internal and
external error sources. Precision amplifier offset voltages on the order of 0.1 mV are
less than a 0.04 LSB error source in a 12-bit, 10 V full-scale system. In a single-sup-
ply system, however, a “rail-to-rail” precision amplifier with an offset voltage of 1 mV
represents a 0.8 LSB error in a 5V full-scale system, and 1.6 LSB error in a 2.5V full-
scale system.

To keep battery current drain low, larger resistors are usually used around the op amp.
Since the bias current flows through these larger resistors, they can generate offset er-
rors equal to or greater than the amplifier’s own offset voltage.

Gain accuracy in some low voltage single-supply devices is also reduced, so device
selection needs careful consideration. Many amplifiers having open-loop gains in the
millions typically operate on dual supplies: for example, the OPO7 family types. How-
ever, many single-supply/rail-to-rail amplifiers for precision applications typically have
open-loop gains between 25,000 and 30,000 under light loading (>10 k€2). Selected
devices, like the OP113/213/413 family, do have high open-loop gains (i.e., > 1M).
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Many trade-offs are possible in the design of a single-supply amplifier circuit: speed
Versus power, noise versus power, precision versus speed and power, etc. Even if the
noise floor remains constant (highly unlikely), the signal-to-noise ratio will drop as
the signal amplitude decreases.

Besides these limitations, many other design considerations that are otherwise minor
issues in dual-supply amplifiers now become important. For example, signal-to-noise
(SNR) performance degrades as a result of reduced signal swing. “Ground reference”
is no longer a simple choice, as one reference voltage may work for some devices,
but not others. Amplifier voltage noise increases as operating supply current drops,
and bandwidth decreases. Achieving adequate bandwidth and required precision with
a somewhat limited selection of amplifiers presents significant system design chal-
lenges in single-supply, low-power applications.

Most circuit designers take “ground” reference for granted. Many analog circuits
scale their input and output ranges about a ground reference. In dual-supply applica-
tions, a reference that splits the supplies (0 V) is very convenient, as there is equal
supply headroom in each direction, and 0 V is generally the voltage on the low imped-
ance ground plane.

In single-supply/rail-to-rail circuits, however, the ground reference can be chosen
anywhere within the supply range of the circuit, since there is no standard to follow.
The choice of ground reference depends on the type of signals processed and the am-
plifier characteristics. For example, choosing the negative rail as the ground reference
may optimize the dynamic range of an op amp whose output is designed to swing to
0 V. On the other hand, the signal may require level shifting in order to be compatible
with the input of other devices (such as ADCs) that are not designed to operate at 0 V
mput.

Early single-supply “zero-in, zero-out” amplifiers were designed on bipolar pro-
cesses which optimized the performance of the NPN transistors. The PNP transistors
were either lateral or substrate PNPs with much less bandwidth than the NPNs. Fully
complementary processes are now required for the new-breed of single-supply/rail-to-
rail operational amplifiers. These new amplifier designs do not use lateral or substrate
PNP transistors within the signal path, but incorporate parallel NPN and PNP in-

put stages to accommodate input signal swings from ground to the positive supply
rail. Furthermore, rail-to-rail output stages are designed with bipolar NPN and PNP
common-emitter, or N-channel/P-channel common-source amplifiers whose collec-
tor-emitter saturation voltage or drain-source channel on-resistance determine output
signal swing as a function of the load current.
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The characteristics of a single-supply amplifier input stage (common mode rejection,
input offset voltage and its temperature coefficient, and noise) are critical in preci-
sion, low-voltage applications. Rail-to-rail input operational amplifiers must resolve
small signals, whether their inputs are at ground, or in some cases near the amplifier’s
positive supply. Amplifiers having a minimum of 60 dB common mode rejection over
the entire input common mode voltage range from 0 V to the positive supply are good
candidates. It is not necessary that amplifiers maintain common mode rejection for
signals beyond the supply voltages: what is required is that they do not self-destruct
for momentary overvoltage conditions. Furthermore, amplifiers that have offset volt-
ages less than 1 mV and offset voltage drifts less than 2 uV/°C are also very good
candidates for precision applications. Since input signal dynamic range and SNR are
equally if not more important than output dynamic range and SNR, precision single-
supply/rail-to-rail operational amplifiers should have noise levels referred-to-input
(RTT) less than 5 uVp-p in the 0.1 Hz to 10 Hz band.

The need for rail-to-rail amplifier output stages is driven by the need to maintain wide
dynamic range in low-supply voltage applications. A single-supply/rail-to-rail ampli-
fier should have output voltage swings which are within at least 100 mV of either
supply rail (under a nominal load). The output voltage swing is very dependent on
output stage topology and load current. The voltage swing of a good output stage
should maintain its rated swing for loads down to 10 k€. The smaller the V,; and

the larger the V, the better. System parameters, such as “zero-scale” or “full-scale”
output voltage, should be determined by an amplifier’s V, (for zero-scale) and V
(for full-scale).

Since the majority of single-supply data acquisition systems require at least 12- to 14-
bit performance, amplifiers which exhibit an open-loop gain greater than 30,000 for
all loading conditions are good choices in precision applications.

Single Supply Op Amp Input Stages

There is some demand for op amps whose input common mode voltage includes both
supply rails. Such a feature is undoubtedly useful in some applications, but engineers
should recognize that there are relatively few applications where it is absolutely es-
sential. These should be carefully distinguished from the many applications where
common mode range close to the supplies or one that includes one of the supplies is
necessary, but input rail-to-rail operation is not.

In many single-supply applications, it is required that the input go to only one of the
supply rails (usually ground). High-side or low-side sensing applications are good
examples of this. Amplifiers which will handle zero-volt inputs are relatively easily
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designed using PNP differ- +Vg
ential pairs (or N-channel

JFET pairs) as shown in

Figure 4.2.19. The input PNPs
common mode range of such

an op amp extends from
about 200 mV below the
negative supply to within L
about 1 V of the positive
supply.
_Vs
The input stage could also Vs
be designed with NPN Figure 4.2.19: PNP or N-channel JFET stages
transistors (or P-channel allow input signal to go to the negative rail.

JFETs), in which case the

input common mode range would include the positive rail and to within about 1 V of
the negative rail. This requirement typically occurs in applications such as high-side
current sensing, a low-frequency measurement application. The OP282/0OP482 input
stage uses the P-channel JFET input pair whose input common mode range includes
the positive rail. Other circuit topologies for high-side sensing (such as the AD626)
use the precision resistors to attenuate the common mode voltage.

True rail-to-rail input stages require two long-tailed pairs (see Figure 4.2.20), one of
NPN bipolar transistors (or N-channel JFETSs), the other of PNP transistors (or P-
channel JFETSs). These two pairs exhibit different offsets and bias currents, so when
the applied input common mode voltage

DU v,
changes, the amplifier input offset voltage s
and input bias current does also. In fact, g
when both current sources remain ac- ®

tive throughout the entire input common
mode range, amplifier input offset voltage

Qi
is the average offset voltage of the NPN

pair and the PNP pair. In those designs o=

where the current sources are alternative- o

ly switched off at some point along the % """" ®
input common mode voltage, amplifier

input offset voltage is dominated by the
PNP pair offset voltage for signals near
the negative supply, and by the NPN pair  Figure 4.2.20: True rail-to-rail input stage.
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offset voltage for signals near the positive supply. It should be noted that true rail- to-
rail input stages can also be constructed from CMOS transistors as in the case of the
0OP250/450 and the AD8531/8532/8534.

Amplifier input bias current, a function of transistor current gain, is also a function
of the applied input common mode voltage. The result is relatively poor common
mode rejection (CMR), and a changing common mode input impedance over the
common mode input voltage range, compared to familiar dual-supply devices. These
specifications should be considered carefully when choosing a rail-rail input op amp,
especially for a non-inverting configuration. Input offset voltage, input bias current,
and even CMR may be quite good over part of the common mode range, but much
worse in the region where operation shifts between the NPN and PNP devices and
vice versa.

True rail-to-rail amplifier input stage designs must transition from one differential
pair to the other differential pair somewhere along the input common mode voltage
range. Some devices like the OP191/291/491 family and the OP279 have a common
mode crossover threshold at approximately 1 V below the positive supply. The PNP
differential input stage is active from about 200 mV below the negative supply to
within about 1 V of the positive supply. Over this common mode range, amplifier in-
put offset voltage, input bias current, CMR, input noise voltage/current are primarily
determined by the characteristics of the PNP differential pair. At the crossover thresh-
old, however, amplifier input offset voltage becomes the average offset voltage of the
NPN/PNP pairs and can change rapidly. Also, amplifier bias currents, dominated by
the PNP differential pair over most of the input common mode range, change polar-
ity and magnitude at the crossover threshold when the NPN differential pair becomes
active.

Op amps like the OP184/284/484 utilize a rail-to-rail input stage design where both
NPN and PNP transistor pairs are active throughout the entire input common mode
voltage range, and there is no common mode crossover threshold. Amplifier input
offset voltage is the average offset voltage of the NPN and the PNP stages. Amplifier
input offset voltage exhibits a smooth transition throughout the entire input common
mode range because of careful laser trimming of the resistors in the input stage. In
the same manner, through careful input stage current balancing and input transistor
design, amplifier input bias currents also exhibit a smooth transition throughout the
entire common mode input voltage range. The exception occurs at the extremes of the
input common mode range, where amplifier offset voltages and bias currents increase
sharply due to the slight forward-biasing of parasitic p-n junctions. This occurs for
input voltages within approximately 1 V of either supply rail.
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When both differential pairs are active throughout the entire input common mode
range, amplifier transient response is faster through the middle of the common mode
range by as much as a factor of 2 for bipolar input stages and by a factor of \2 for
JFET input stages. Input stage transconductance determines the slew rate and the
unity-gain crossover frequency of the amplifier, hence response time degrades slightly
at the extremes of the input common mode range when either the PNP stage (signals
approaching the positive supply rail) or the NPN stage (signals approaching the nega-
tive supply rail) are forced into cutoff. The thresholds at which the transconductance
changes occur are approximately within 1 V of either supply rail, and the behavior is
similar to that of the input bias currents.

Applications which require true rail-rail inputs should therefore be carefully evaluat-
ed, and the amplifier chosen to ensure that its input offset voltage, input bias current,
common mode rejection, and noise (voltage and current) are suitable.

Single Supply Op Amp Output Stages

The earliest IC op amp output stages were NPN emitter followers with NPN current
sources or resistive pull-downs, as shown in the left-hand diagram of Figure 4.2.21.
Naturally, the slew rates were greater for positive-going than for negative-going sig-
nals. While all modern op amps have push-pull output stages of some sort, many are
still asymmetrical, and have a greater slew rate in one direction than the other. Asym-
metry tends to introduce distortion on AC signals and generally results from the use
of IC processes with faster NPN than PNP transistors. It may also result in the ability
of the output to approach one supply more closely than the other.

In many applications, the output is required to swing only to one rail, usually the
negative rail (i.e., ground in single-supply systems). A pull-down resistor to the nega-
tive rail will allow the output to approach that rail (provided the load impedance is
high enough, or is also grounded to that rail), but only slowly. Using an FET current
source instead of a resistor can speed things up, but this adds complexity.

With new complementary bipolar processes (CB), well matched high speed PNP

and NPN transistors are available. The complementary emitter follower output stage
shown in the right-hand diagram of Figure 4.2.21 has many advantages including low
output impedance. However, the output can only swing within about one Vy drop

of either supply rail. An output swing of +1 V to +4 V is typical of such stages when
operated on a single +5 V supply.
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"""" +Vg s Vg T
-----1 NPN -----{ NMOS
Vour Vour
Vour
------ NPN -{ NMOS
-V, Vg
s S —Vs
Figure 4.2.21: Traditional output stages.
"""""" +Vs mmmmmmmmm——— +VS
--------- PNP --------{ PMOS
Vour Vour
_________ NPN --------{ NMOS
"""""" —Vs I —VS
SWINGS LIMITED BY SWINGS LIMITED BY
SATURATION VOLTAGE FET "ON™ RESISTANCE

Figure 4.2.22: “Almost” rail-to-rail output structures.

The complementary common-emitter/common-source output stages shown in Figure
4.2.22 allow the output voltage to swing much closer to the output rails, but these
stages have higher open loop output impedance than the emitter follower- based stag-
es. In practice, however, the amplifier’s open loop gain and local feedback produce an
apparent low output impedance, particularly at frequencies below 10 Hz.
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The complementary common emitter output stage using BJTs (left-hand diagram in
Figure 4.2.22) cannot swing completely to the rails, but only to within the transistor
saturation voltage (Vgsyr) Of the rails. For small amounts of load current (less than
100 pA), the saturation voltage may be as low as 5 to 10 mV, but for higher load cur-
rents, the saturation voltage can increase to several hundred mV (for example, 500
mV at 50 mA).

On the other hand, an output stage constructed of CMOS FETs can provide nearly
true rail-to-rail performance, but only under no-load conditions. If the output must
source or sink current, the output swing is reduced by the voltage dropped across the
FETs internal “on” resistance (typically, 100 € for precision amplifiers, but can be
less than 10  for high current drive CMOS amplifiers).

For these reasons, it is apparent that there is no such thing as a true rail-to-rail output
stage, hence the title of Figure 4.2.22 (“almost” rail-to-rail output stages).

Figure 4.2.23 summarizes the performance characteristics of a number of single- sup-
ply op amps suitable for some precision applications. The devices are listed in order
of increasing supply current. Single, dual, and quad versions of each op amp are
available, so the supply current is the normalized Ig,/amplifier for comparison. The in-
put and output voltage ranges (Vg = +5 V) are also supplied in the table. The “0, 4 V”
inputs are PNP pairs, with the exception of the AD820/822/824 which use N- Chan-
nel JFETs. Output stages having voltage ranges designated “5 mV, 4 V”” are NPN
emitter-followers with current source pull-downs (OP193/293/493, OP113/213/413).
Output stages designated “R/R” use CMOS common source stages (OP181/281/481)

“*LISTED IN ORDER OF INCREASING SUPPLY CURRENT

“PART NO. |Vqog max| Vog TC |Ayg min |NOISE {1kHz)| INPUT | OUTPUT | Ig,/AMP

OP181/281/481 | 1500uV | 10uV/°C M 70nViNHz 0, 4V "RIR" 4pA

OP193/293/493 | 754V | 0.2uV/°C| 200k 65nV/VHz 0,4V | 5mV, 4V | 15pA

OP196/296/496 | 3004V |1.5uV/°C| 150k 26nVivHz R/R "R/IR" 50uA

OP191/291/491 | 7004V |1.1pvVieC| 25k 35nVHz R/R "R/IR" | 400pA

*ADB20/822/824| 400pV | 2uvi°C | 500k 16nVHz 0, 4V "R/R" | 800pA

OP184/284/484 | 654V | 0.2uV/°C| 50k 3.9nVHHz R/R "RIR™ | 1250pA

OP113/213/413 | 1254V |0.2uV/°C|  2M 47nVHHz | 0,4V |5mV, 4V | 1750uA

*JFET INPUT NOTE: Unless Otharwise Stated
Specifications are Typical @ +25°C
Vg =45V

Figure 4.2.23: Precision single-supply op amp
performance characteristics.
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or CB common emitter stages (OP196/296/496, OP191/291/491, AD820/822/824,
OP184/284/484).

In summary, the following points should be considered when selecting amplifiers for
single-supply/rail-to-rail applications:

First, input offset voltage and input bias currents are a function of the applied input
common mode voltage (for true rail-to-rail input op amps). Circuits using this class
of amplifiers should be designed to minimize resulting errors. An inverting amplifier
configuration with a false ground reference at the non-inverting input prevents these
errors by holding the input common mode voltage constant. If the inverting amplifier
configuration cannot be used, then amplifiers like the OP184/284/0OP484 which do
not exhibit any common mode crossover thresholds should be used.

Second, since input bias currents are not always small and can exhibit different po-
larities, source impedance levels should be carefully matched to minimize additional
input bias current-induced offset voltages and increased distortion. Again, consider
using amplifiers that exhibit a smooth input bias current transition throughout the ap-
plied input common mode voltage.

Third, rail-to-rail amplifier output stages exhibit load-dependent gain which affects
amplifier open-loop gain, and hence closed-loop gain accuracy. Amplifiers with
open-loop gains greater than 30,000 for resistive loads less than 10 k€2 are good
choices in precision applications. For applications not requiring full rail-rail swings,
device families like the OP113/213/413 and OP193/293/493 offer DC gains of
200,000 or more.

Lastly, no matter what claims are made, rail-to-rail output voltage swings are func-
tions of the amplifier’s output stage devices and load current. The saturation voltage
(Vrsar), saturation resistance (Rg,;) for bipolar output stages, and FET on-resistance
for CMOS output stages, as well as load current all affect the amplifier output voltage
swing.

Op Amp Process Technologies

The wide variety of processes used to make op amps are shown in Figure 4.2.24. The
earliest op amps were made using standard NPN-based bipolar processes. The PNP
transistors available on these processes were extremely slow and were used primarily
for current sources and level shifting.

The ability to produce matching high speed PNP transistors on a bipolar process
added great flexibility to op amp circuit designs. These complementary bipolar (CB)
processes are widely used in today’s precision op amps, as well as those requiring
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wide bandwidths. The high- B BIPOLAR (NPN-BASED): This is Where it All Startedl!
Speed PNP transistors have ftS B COMPLEMENTARY BIPOLAR (CB): Rail-to-Rail, Precision, High Speed
which are greater than one- W BIPOLAR + JFET (BiFET): High Input Impedance, High Speed
half the f.s of the NPNs. B COMPLEMENTARY BIPOLAR + JFET (CBFET): High Input Impedance,
t
. Rail-to-Rail Cutput, High Speed
The addition of JFETS to

the complementary bipolar
process (CBFET) allow high = BIPOLAR + CMOS (BiCMOS): Bipolar Input Stage adds Linearity,

lnput lmpedance Op amps to Low Power, Rail-to-Rail Output
be designed suitable for such B COMPLEMENTARY BIPOLAR + CMOS (CBCMOS): Rail-to-Rail Inputs,
Rail-to-Rail Outputs, Good Linearity, Low Power

COMPLEMENTARY MOSFET (CMOS): Low Cost, Non-Critical Op Amps

applications as photodiode or
electrometer preamplifiers. Figure 4.2.24: Op amp process technology summary.

CMOS op amps, with a few

exceptions, generally have relatively poor offset voltage, drift, and voltage noise.
However, the input bias current is very low. They offer low power and cost, however,
and improved performance can be achieved with BIFET or CBFET processes.

The addition of bipolar or complementary devices to a CMOS process (BiMOS or
CBCMOS) adds great flexibility, better linearity, and low power. The bipolar devices
are typically used for the input stage to provide good gain and linearity, and CMOS
devices for the rail-to-rail output stage.

In summary, there is no single IC process which is optimum for all op amps. Process
selection and the resulting op amp design depends on the targeted applications and
ultimately should be transparent to the customer.

Instrumentation Amplifiers (In-Amps)

An instrumentation amplifier is a closed-loop gain block which has a differential
input and an output which is single-ended with respect to a reference terminal (see
Figure 4.2.25). The input impedances are balanced and have high values, typically 10° Q
or higher. Unlike an op amp, which has its closed-loop gain determined by external
resistors connected between its inverting input and its output, an in-amp employs an
internal feedback resistor network which is isolated from its signal input terminals.
With the input signal applied across the two differential inputs, gain is either preset
internally or is user-set by an internal (via pins) or external gain resistor, which is also
1solated from the signal inputs. Typical in-amp gain settings range from 1 to 10,000.

In order to be effective, an in-amp needs to be able to amplify microvolt-level sig-
nals, while simultaneously rejecting volts of common mode signal at its inputs. This
requires that in-amps have very high common mode rejection (CMR): typical values
of CMR are 70 dB to over 100 dB, with CMR usually improving at higher gains.
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It is important to note that Rg2  ARg
a CMR specification for

DC inputs alone is not COMMON

. . . MODE

sufficient in most practical  yo_race
applications. In indus-
trial applications, the most
common cause of external

interference is pickup from

the 50/60 Hz AC power

mains. Harmonics of the \

power mains frequency can v
also be troublesome. In dif- COMMON MODE ERROR (RTl) = —_CM

_ ' CMRR
ferential measurements, this

type of interference tends
to be induced equally onto

Figure 4.2.25: Instrumentation amplifier.

both in-amp inputs. The Rl R2

. . . vy © My * Ny

interfering signal therefore

appears as a common mode y

signal to the in-amp. Speci- 00 14 B2

fying CMR over frequency CMR =20 log,g| —

1s more important than RT" R2" K

Specifying its DC value. V20 VvV * A% %7 Where Kr = Total Fractional
Mismatch of R1 - R2

Imbalance in the source

R2
Vour = (V2-V4) g7

R2 _ R2
Ri = Rr CRITICAL FOR HIGH CMR
EXTREMELY SENSITIVE TO SOURCE IMPEDANCE IMBALANCE

0.1% TOTAL MISMATCH YIELDS ~ 66dB CMR FORR1=R2

impedance can degrade the
CMR of some in-amps.
Analog Devices fully speci-
fies in-amp CMR at 50/60
Hz with a source impedance Figure 4.2.26: Op amp subtractor.
imbalance of 1 kQ.

Low-frequency CMR of op amps, connected as subtractors as shown in Figure 4.2.26,
generally is a function of the resistors around the circuit, not the op amp. A mismatch
of only 0.1% in the resistor ratios will reduce the DC CMR to approximately 66dB.
Another problem with the simple op amp subtractor is that the input impedances are
relatively low and are unbalanced between the two sides. The input impedance seen
by V, is R,, but the input impedance seen by V, is R1” + R2’. This configuration can
be quite problematic in terms of CMR, since even a small source impedance imbal-
ance (~10 Q) will degrade the workable CMR.
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Instrumentation Amplifier Configurations

Instrumentation amplifier configurations are based on op amps, but the simple
subtractor circuit described above lacks the performance required for precision ap-
plications. An in-amp architecture which overcomes some of the weaknesses of the
subtractor circuit uses two op amps as shown in Figure 4.2.27. This circuit is typi-
cally referred to as the two op amp in-amp. Dual IC op amps are used in most cases
for good matching. The circuit gain may be trimmed with an external resistor, RG.
The input impedance is high, permitting the impedance of the signal sources to be
high and unbalanced. The DC common mode rejection is limited by the matching of
R1/R2 to R1’/R2’. If there is a mismatch in any of the four resistors, the DC common
mode rejection is limited to:

GAIN x100 }

AV X Eq. 4.2.12
%MISMATCH

CMR <20 log[
There is an implicit advantage to this configuration due to the gain executed on the
signal. This raises the CMR in proportion.

Integrated instrumentation amplifiers are particularly well suited to meeting the
combined needs of ratio matching and temperature tracking of the gain-setting resis-
tors. While thin film resistors fabricated on silicon have an initial tolerance of up to
+20%, laser trimming during production allows the ratio error between the resistors to
be reduced to 0.01% (100 ppm). Furthermore, the tracking between the temperature
coefficients of the thin film resistors is inherently low and is typically less than 3 ppm/
°C (0.0003%/°C).

Vz 0
v Vour
07
1 +
Al @_/\/\/_‘
v, RY’
R1 vz
/"—’\/\/—'
R2"
e A
i Rg R2  2R2
c R2 G =145 + R
R2 _2R2
v v B Vour = Wz“’ﬂE"‘ﬁ +?G] *+ Vrer
REF

R2 _ R
WS R

GAIN x 100
B CMR< 20log [% MISMATCH

Figure 4.2.27: Two op amp instrumentation amplifier.
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When dual supplies are used, Vg is normally connected directly to ground. In single
supply applications, Vg is usually connected to a low impedance voltage source
equal to one-half the supply voltage. The gain from Vg to node “A” is R1/R2, and
the gain from node “A” to the output is R2’/R1’. This makes the gain from Vg to the
output equal to unity, assuming perfect ratio matching. Note that it is critical that the
source impedance seen by Vg be low, otherwise CMR will be degraded.

One major disadvantage of this design is that common mode voltage input range must
be traded off against gain. The amplifier A1 must amplify the signal at V, by

1+ B Eq. 4.2.13

R2
If R1 >> R2 (low gain in Figure 4.2.27), A1 will saturate if the common mode signal
is too high, leaving no headroom to amplify the wanted differential signal. For high
gains (R1<< R2), there is correspondingly more headroom at node “A” allowing
larger common mode input voltages.

The AC common mode rejection of this configuration is generally poor because the
signal from V| to Vy; has the additional phase shift of Al. In addition, the two am-
plifiers are operating at different closed-loop gains (and thus at different bandwidths).
The use of a small trim capacitor “C” as shown in the diagram can improve the AC
CMR somewhat.

A low gain (G = 2) single supply two op amp in-amp configuration results when R
is not used, and is shown in Figure 4.2.28. The input common mode and differential
signals must be limited to values which prevent saturation of either A1 or A2. In the

Voo
Vaur
v, o——, Vou=4.9V
Vo, =0.1V Vou=4.9V
A1 AN Vo =0.1V
R1
R1 10k
Ny
10k
R2 B vz 1|6 -1WVor + VRer| » 1.3V
10k2 ' G = 0
VRer & 2.5V

1
| V1,MAxSEEG-1)V0H+VREE| < 37V
VRer = !QH;—VQL =2.5V VeV
W |v,-vy|pmax s~z <24v

Figure 4.2.28: Single supply restrictions: Vo= +5\V, G = 2.
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example, the op amps remain linear to within 0.1 V of the supply rails, and their upper
and lower output limits are designated Vo and V,, respectively. Using the equations
shown in the diagram, the voltage at V, must fall between 1.3 V and 2.4 V to prevent
Al from saturating. Notice that Vg 1s connected to the average of Vy, and Vi, (2.5
V). This allows for bipolar differential input signals with V;; referenced to +2.5 V.

A high gain (G = 100) single

. V2o
supply twg Op amp in-amp . . Vour
configuration is shown in 1 + Vor=o.v Voy=4.8V
Figure 4.2.29. Using the A ’—® VY Vou=0.1v
same equations, note that the ~R1 10k
voltage at V, can now swing My
10k 990k

between 0.124 V and 4.876 w2
V. Again, Vg 1s conn§cted 990k02 W Ve L (G—1)V0L+VRE§ > 0128V
to 2.5V to allow for bipo- vo | a5

. . . REF -
lar differential input and W VxS 2| ©-1Voy +VR% < 4876V
output signals. Vegr = Yon*Vou _, gy

. . W |v,-v ¢« You—Vou 048y
The above discussion V2= Vi ax e

shows that regardless of  Figure 4.2.29: Single supply restrictions: Vs = +5V, G = 100.
gain, the basic two op

amp in-amp does not allow for
zero-volt common mode input
voltages when operated on a
single supply. This limitation can
be overcome using the circuit
shown in Figure 4.2.30 which

is implemented in the AD627
in-amp. Each op amp is com-
posed of a PNP common emitter
input stage and a gain stage,
designated Q1/A1 and Q2/A2,
respectively. The PNP transistors
not only provide gain but also Figure 4.2.30: AD627 in-amp architecture.
level shift the input signal posi-

tive by about 0.5V, thereby allowing the common mode input voltage to go to 0.1 V
below the negative supply rail. The maximum positive input voltage allowed is 1 V
less than the positive supply rail.

f Vour = G(Va~ Vq) + Vper

O VRer 43 Vg
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The AD627 in-amp delivers rail-to-rail output swing and operates over a wide supply
voltage range (+2.7 V to £18 V). Without R, the external gain setting resistor, the
in-amp gain is 5. Gains up to 1000 can be set with a single external resistor. Com-
mon mode rejection of the AD627B at 60 Hz with a 1 k€ source imbalance is 85dB
when operating on a single +3 V supply and G = 5. Even though the AD627 is a two
op amp in-amp, a patented circuit keeps the CMR flat out to a much higher frequency
than would be achievable with a conventional discrete two op amp in-amp. The
ADG627 data sheet (available at http://www.analog.com) has a detailed discussion of
allowable input/output voltage ranges as a function of gain and power supply volt-
ages. Key specifications for the AD627 are summarized in Figure 4.2.31.

Wide Supply Range : +2.7V to 18V

Input Voltage Range: -Vg— 0.1V to +Vg -1V
Figure 4.2.31: AD627
in-amp key specifications.

85pA Supply Current

Gain Range: 5 to 1000

75uV Maximum Input Offset Volage (AD627B)
10ppm/°C Maximum Offset Voltage TC (AD627B)
10ppm Gain Nonlinearity

85dB CMR @ 60Hz, 1k Source Imbalance (G = 5)
3uV p-p 0.1Hz to 10Hz Input Voltage Noise (G = 5)

For true balanced high impedance inputs, three op amps may be connected to form
the in-amp shown in Figure 4.2.32. This circuit is typically referred to as the three

op amp in-amp. The gain of the amplifier is set by the resistor, R, which may be
internal, external, or (software or pin-strap) programmable. In this configuration,
CMR depends upon the ratio matching of R3/R2 to R3’/R2’. Furthermore, common
mode signals are only amplified by a factor of 1 regardless of gain (no common mode
voltage will appear across Rg,
hence, no common mode cur-
rent will flow in it because the
input terminals of an op amp
will have no significant poten-
tial difference between them).
Thus, CMR will theoretically
increase in direct proportion
to gain. Large common mode
signals (within the A1-A2 op
amp headroom limits) may be
handled at all gains. Finally,  Figure 4.2.32: Three op amp instrumentation amplifier.

R2' R3’

Vour

R2 R3
A2 AN\ AvAY

+ = 2R1
M Vour = Vsm'%: 1+ ?e] * Veer

VRer
O

GAIN * 100 _ _ 4. 2R
W cMR< 20log [% ISMATCH B FR2=R3, G=1+ Re
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because of the symmetry of this configuration, common mode errors in the input
amplifiers, if they track, tend to be canceled out by the subtractor output stage. These
features explain the popularity of the three op amp in-amp configuration.

The classic three op amp con-

figuration has been used in a [ +v
number of monolithic IC instru- Cb C‘? QB Re = S24k0
mentation amplifiers. Besides

offering excellent matching be- L —
tween the three internal op amps, OJERNVY A2
thin film laser trimmed resistors
provide excellent ratio match-
ing and gain accuracy at much o #nQ 247k
lower cost than using discrete op f‘?"/"\;lx % Rs T

amps and resistor networks. The - @
ADG620 is an excellent example .
of monolithic in-amp technol- bvs

ogy, and a simplified schematic Figure 4.2.33: AD620 in-amp simplified schematic.
is shown in Figure 4.2.33.

The AD620 is a highly popular in-amp and is specified for power supply voltages
from £2.3 V to £18 V. Input voltage noise is only 9 nVAHz @ 1 kHz. Maximum
input bias current is only 1 nA maximum because of the Superbeta input stage.

Overvoltage protection is provided by the internal 400 € thin-film current-limit resis-
tors in conjunction with the diodes which are connected from the emitter-to- base of
Q1 and Q2. The gain is set with a single external R resistor. The appropriate inter-
nal resistors are trimmed so that
standard 1% or 0.1% resistors can
be used to set the AD620 gain to
popular gain values.

GV,
+ 2Vsic
/ Vom+ —3
R2 R2

A%

Vou=4.9V

As in the case of the two op amp Vo =01V

in-amp configuration, single sup-

) Vou=4.9V Vou=4.9V
ply operation of the three op amp VoL=o.v VoL=o.¥
. . Vour= GVgig + VRer
in-amp requires an understand- R2 R2

ing of the internal node voltages. Wy Vv Veer =28V
Figure 4.2.34 shows a generalized . \ Voy - SVsie

diagram of the in-amp operat- €= "R

ing on a single +5 V supply. Figure 4.2.34: Three op amp in-amp

The maximum and minimum single +5 V supply restrictions.
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allowable output voltages of the individual op amps are designated V,, (maximum
high output) and V,; (minimum low output) respectively. Note that the gain from the
common mode voltage to the outputs of Al and A2 is unity, and that the sum of the
common mode voltage and the signal voltage at these outputs must fall within the
amplifier output voltage range. It is obvious that this configuration cannot handle
input common mode voltages of either zero volts or +5 V because of saturation of Al
and A2. As in the case of the two op amp in-amp, the output reference is positioned
halfway between Vg, and V, in order to allow for bipolar differential input signals.

This chapter has emphasized the operation of high performance linear circuits from
a single, low-voltage supply (5 V or less) is a common requirement. While there are
many precision single supply operational amplifiers, such as the OP213, the OP291,
and the OP284, and some good single-supply instrumentation amplifiers, the highest
performance instrumentation amplifiers are still specified for dual-supply operation.

One way to achieve both high precision and single-supply operation takes advantage
of the fact that several popular sensors (e.g., strain gages) provide an output signal
centered around the (approximate) mid-point of the supply voltage (or the reference
voltage), where the inputs of the signal conditioning amplifier need not operate near
“ground” or the positive supply voltage.

Under these conditions, a dual-supply instrumentation amplifier referenced to the
supply mid-point followed by a “rail-to-rail” operational amplifier gain stage provides
very high DC precision. Figure 4.2.35 illustrates one such high-performance instru-
mentation amplifier operating on a single, +5 V supply. This circuit uses an AD620
low-cost precision instrumentation amplifier for the input stage, and an AD822 JFET-
input dual rail-to-rail output operational amplifier for the output stage.

In this circuit, R3 and R4 form a s’ IR
Vsic \IL L P1 l

10Hz
NOISE
FILTER

voltage divider which splits the S
supply voltage in half to +2.5'V, i $ " @
with fine adjustment provided +2.5v B auga | |

. . . ADE20 A Vour
by a trimming potentiometer, REF R
¥ 10mV TO 4.98V

P1. This voltage is applied to the

input of A1, an AD822 which .

buffers it and provides a low-im- A1, A2= 172 ADE22 - § A Vrer
pedance source needed to drive e ™ . v
the AD620’s reference pin. The i

ADG620’s Reference pin has a 10 k€ Y%

input resistance and an input sig- Figure 4.2.35: A precision single-supply

nal current of up to 200pA. The composite in-amp with rail-to-rail output.
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other half of the AD822 is connected as a gain-of-3 inverter, so that it can output +2.5
V, “rail-to-rail,” with only +0.83 V required of the AD620. This output voltage level
of the AD620 is well within the AD620’s capability, thus ensuring high linearity for
the “dual-supply” front end. Note that the final output voltage must be measured with
respect to the +2.5 V reference, and not to GND.

The general gain expression for this composite instrumentation amplifier is the prod-
uct of the AD620 and the inverting amplifier gains:

GAIN = 49'4kQ+1 (R—ZJ Eq.4.2.14
R, RI

For this example, an overall gain of 10 is realized with R; = 21.5 k€2 (closest standard
value). The table (Figure 4.2.36) summarizes various R/gain values and performance.

In this application, the allowable

. ’ . CIRCUIT Rs | Vgg RTI | TC Vg, RTI | NONLINEARITY| BANDWIDTH
input voltage on either input to GAN | © | W) wvree) (ppm) * (kHz)~
the AD620 must lie between +2 10 | 215k | 1000 1000 <50 600
V and +3.5 V in order to maintain 30 | 549k | 430 430 <50 600
linearity. For example, at an over- 100 | 153k | 215 215 <50 300
all circuit gain of 10, the common 300 | 499 | 150 150 <50 120
mode input voltage range spans 1000 | 149 | 150 150 <50 30
2.25V t0 3.25 'V, allowing room __

. * Nonlinearity Measured Over Qutput Range: 0.1V < Vg, < 4.80V
for the +£0.25 V full-scale differen- ** Without 10Hz Noise Filter
tial input voltage required to drive  Fiqure 4.2.36: Performance summary of the +5 V
the output £2.5 V about Vg single-supply AD620/AD822 composite in-amp.

The inverting configuration was

chosen for the output buffer to facilitate system output offset voltage adjustment by
summing currents into the A2 stage buffer’s feedback summing node. These offset
currents can be provided by an external DAC, or from a resistor connected to a refer-
ence voltage.

The AD822 rail-to-rail output stage exhibits a very clean transient response (not
shown) and a small-signal bandwidth over 100 kHz for gain configurations up to 300.
Note that excellent linearity is maintained over 0.1 V to 4.9 V V1. To reduce the
effects of unwanted noise pickup, a capacitor is recommended across A2’s feedback
resistance to limit the circuit bandwidth to the frequencies of interest.

In cases where zero-volt inputs are required, the AD623 single supply in-amp config-
uration shown in Figure 4.2.37 offers an attractive solution. The PNP emitter follower
level shifters, Q1/Q2, allow the input signal to go 150 mV below the negative supply
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and to within 1.5 V of the positive supply. The AD623 is fully specified for single
power supplies between +3 V and +12 V and dual supplies between +2.5 V and +6 V
(see Figure 4.2.38). The AD623 data sheet (available at http://www.analog.com) con-
tains an excellent discussion of allowable input/output voltage ranges as a function of
gain and power supply voltages.

50kO 50k

AN, B Wide Supply Range: +3V to 16V
4N B Input Voltage Range: -Vg—0.18V to +Vg-— 1.5V
B 575pA Maximum Supply Current
v”‘ B Gain Range: 1 to 1000
B 100uV Maximum Input Offset Voltage (AD623B)
B 1pV/°C Maximum Offset Voltage TC (AD623B)
50kQ 50ka Virer
A A\ o B 50ppm Gain Nonlinearity
“N B 105dB CMR @ 60Hz, 1k() Source Imbalance, G > 100
B 3V p-p 0.1Hz to 10Hz Input Voltage Noise (G = 1)
Figure 4.2.37: AD623 single-supply Figure 4.2.38: AD623 in-amp
in-amp architecture. key specifications.

Instrumentation Amplifier DC Error Sources

The DC and noise specifications for instrumentation amplifiers differ slightly from
conventional op amps, so some discussion is required in order to fully understand the
eITor Sources.

The gain of an in-amp is usually set by a single resistor. If the resistor is external to
the in-amp, its value is either calculated from a formula or chosen from a table on the
data sheet, depending on the desired gain.

Absolute value laser wafer trimming allows the user to program gain accurately with
this single resistor. The absolute accuracy and temperature coefficient of this resis-
tor directly affects the in-amp gain accuracy and drift. Since the external resistor will
never exactly match the internal thin film resistor tempcos, a low TC (<25 ppm/°C)
metal film resistor should be chosen, preferably with a 0.1% or better accuracy.

Often specified as having a gain range of 1 to 1000, or 1 to 10,000, many in-amps will
work at higher gains, but the manufacturer will not guarantee a specific level of per-
formance at these high gains. In practice, as the gain-setting resistor becomes smaller,
any errors due to the resistance of the metal runs and bond wires become significant.
These errors, along with an increase in noise and drift, may make higher single-stage
gains impractical. In addition, input offset voltages can become quite sizable when
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reflected to output at high gains. For instance, a 0.5 mV input offset voltage becomes
5V at the output for a gain of 10,000. For high gains, the best practice is to use an
instrumentation amplifier as a preamplifier then use a post amplifier for further ampli-
fication.

In a pin-programmable gain in-amp such as the AD621, the gain setting resistors are
internal, well matched, and the gain accuracy and gain drift specifications include
their effects. The AD621 is otherwise generally similar to the externally gain-pro-
grammed AD620.

The gain error specification is the maximum deviation from the gain equation. Mono-
lithic in-amps such as the AD624C have very low factory trimmed gain errors, with
its maximum error of 0.02% at G = 1 and 0.25% at G = 500 being typical for this high
quality in-amp. Notice that the gain error increases with increasing gain. Although
externally connected gain networks allow the user to set the gain exactly, the tem-
perature coefficients of the external resistors and the temperature differences between
individual resistors within the network all contribute to the overall gain error. If the
data is eventually digitized and presented to a digital processor, it may be possible to
correct for gain errors by measuring a known reference voltage and then multiplying
by a constant.

Nonlinearity is defined as the maximum deviation from a straight line on the plot of
output versus input. The straight line is drawn between the end-points of the actual
transfer function. Gain nonlinearity in a high quality in-amp is usually 0.01% (100
ppm) or less, and is relatively insensitive to gain over the recommended gain range.

The total input offset voltage of an in-amp consists of two components (see Figure
4.2.39). Input offset voltage, Vq, 1s that component of input offset which is reflected
to the output of the in-amp by the gain G. Output offset voltage, V4o, is independent
of gain. At low gains, output
offset voltage is dominant, while
at high gains input offset domi-
nates. The output offset voltage
drift is normally specified as
drift at G = 1 (where input ef-
fects are insignificant), while
input offset voltage drift is given B tos= |-t |
by a drift specification at a high
gain (where output offset effects
are negligible). The total output
offset error, referred to the input Figure 4.2.39: In-amp offset voltage model.

Rg/2 ARg Yosl Rg

v
Il OFFSET (RT) = %’ + Vg, +IgARg +lgg(Rg + ARg)

B OFFSET(RTO) = Vogo + GEIOS, +IgARg +los(Rg + ARSE|
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(RTY), is equal to Vg + Vso/G. In-amp data sheets may specify Vg and Vg, sepa-
rately or give the total RTT input offset voltage for different values of gain.

Input bias currents may also produce offset errors in in-amp circuits (see Figure
4.2.39). If the source resistance, R, is unbalanced by an amount, ARg, (often the case
in bridge circuits), then there is an additional input offset voltage error due to the
bias current, equal to [;ARg (assuming that I;, = I, = I;). This error is reflected to the
output, scaled by the gain G. The input offset current, I, creates an input offset volt-
age error across the source resistance, Rg + ARy, equal to [ s(Rg + ARy), which is also
reflected to the output by the gain, G.

In-amp common mode error is a function of both gain and frequency. Analog Devices
specifies in-amp CMR for a 1 k€ source impedance unbalance at a frequency of 60
Hz. The RTI common mode error is obtained by dividing the common mode voltage,
Vums by the common mode rejection ratio, CMRR.

Power supply rejection (PSR) ERROR SOURGCE RTI VALUE
iS alSO a funCtiOn Of gain and Gain Accuracy (ppm) Gain Accuracy x FS Input
frequency. FOI- in_amps’ lt iS cus- Gain Nonlinearity (ppm) Gain Nonlinearity x FS Input
tomary to specify the sensitivity Input Offset Voltage, Vosi Vosi

Output Offset Voltage, Vg0 Voso * G
to eaCh power Supply Separately’ Input Bias Current, |g, Flowing in ARg IgARg
Now that all DC error sources have | input Offset Current, Igg, Flowing in Rg log(Rg + ARg)
been accounted for, a worst case Common Mode Input Voltage, Ve Vem ¥ CMRR
DC error budget can be calculated Power Supply Variation, AVs AV * PSRR
by reflecting all the sources to the Figure 4.2.40: Instrumentation amplifier DC
in-amp input (Figure 4.2.40). errors referred to the input (RTI).

Instrumentation Amplifier Noise Sources

Since in-amps are primarily used to amplify small precision signals, it is important
to understand the effects of all the associated noise sources. The in-amp noise model
is shown in Figure 4.2.41. There are two sources of input voltage noise. The first is
represented as a noise source, Vy,, in series with the input, as in a conventional op
amp circuit. This noise is reflected to the output by the in-amp gain, G. The second
noise source is the output noise, Vy,, represented as a noise voltage in series with the
in-amp output. The output noise, shown here referred to V1, can be referred to the
input by dividing by the gain, G.

There are two noise sources associated with the input noise currents I, and I . Even
though Iy, and I_ are usually equal (I, = Iy =Iy), they are uncorrelated, and
therefore, the noise they each create must be summed in a root- sum-squares (RSS)
fashion. I, flows through one half of Ry, and I_the other half. This generates two
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noise voltages, each having an
amplitude, I[\R¢/2. Each of these
two noise sources is reflected to
the output by the in-amp gain, G.

The total output noise is calcu-
lated by combining all four noise
sources in an RSS manner:

In-amp data sheets often pres- B NoisE R =V;V'\/V"‘;2 v vt s RS

. 2
ent the total voltage noise RTI B nose wrore ¢ —
as a function of gain. This noise Fror= V;"\/ Vio® +62E’mz+ e ]
spectral density includes both B BW =1.57 x IN-AMP Bandwidth @ Gain = G
the input (Vy;) and output (Vo) Figure 4.2.41: In-amp noise model.

noise contributions. The input

current noise spectral density is specified separately. As in the case of op amps, the
total noise RTI must be integrated over the in-amp closed- loop bandwidth to com-
pute the RMS value. The bandwidth may be determined from data sheet curves which
show frequency response as a function of gain.

In-Amp Bridge Amplifier Error Budget Analysis

It is important to understand in-amp error sources in a typical application. Figure
4.2.42 shows a 350 € load cell which has a full scale output of 100 mV when excited
with a 10 V source. The AD620 is configured for a gain of 100 using the external

499 Q) gain-setting resistor. The table shows how each error source contributes to the
total unadjusted error of
2145ppm. The gain, off-
set, and CMR errors can

MAXIMUM ERROR CONTRIBUTION, +25°C
FULLSCALE: V) = 100mV, Vg1 = 10V

. + “ Vos 55uV +100mV 550ppm
be removed with a system ADB20 . _ los | 3500 % 0.5+ 100mV | 1.8ppm
cahbratlon: The remaining | cunemer 045% 1500ppm
€rrors—gain nonhnearlty =100 i Gain 40ppm 40ppm

. = Nonlinearity
and 0.1 Hz to 10 Hz noise 3500, 100mV FS ortnear
. LOAD CELL CMR Error 1204B
—cannot be removed with 1ppm %5V + 100mY | 50ppm
. . .. 5°C, +

calibration and limit the c::zfs :;',525 ;@;szp v:‘ :: 5v o.1l1-l; :.oo:::z 280nV + 100mV 2.8ppm
system resolution to 42.8 los = 0.5nA max Total

. . Gain Error = 0.15% Unadjusted = 9 Bits Accurats | 2145ppm
ppm (approximately 14-bit Gain Nonlinearity = 40ppm Error

0.1Hz_to 10Hz Noise = 280nVp-p Resolution )

accuracy). CMR = 120dB @ 60Hz Error ~ 14 Bits Accurate | 42.8ppm

Figure 4.2.42: AD620B bridge amplifier DC error budget.
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In-Amp Performance Tables

Figure 4.2.43 shows a selection of precision in-amps designed primarily for operation
on dual supplies. It should be noted that the AD620 is capable of single +5 V supply
operation (see Figure 4.2.35), but neither its input nor its output are capable of rail-to-
rail swings.

Gain Gain Vos Vos CMR | 0.1Hz to 10Hz

Accuracy | Nonlinearity | Max TC Min p-p Noise
ADS24C | 0.5%/P 100ppm 50pV 0.5pvrc 120dB 0.3pv
AD620B | 0.5%/R 40ppm 50pv 0.6pvrc 120dB 0.28uV
AD621B1| 0.05% / P 10ppm 50pvV 1.6pvrC 100dB 0.28pV
AD622 0.5% /R 40ppm 125uv 1pvieC 103dB 0.3pv
AD624C2| 0.25% /R 50ppm 25uV 0.25pV/PC 130dB 0.2pv
AD625C | 0.02% /R 50ppm 25uV 0.25pv°C 125dB 0.2pv
AMPOHA | 0.6%/R 50ppm 50pv 0.3pvrc 125dB 0.12pv
AMPO2E | 0.5% /R 60ppm 100pv 2pvrc 115dB 0.4pv

*{ P = Pin Programmable 16 =100

* /R = Resistor Programmable 2G =500

Figure 4.2.43: Precision in-amps: data for Vs = £15 'V, G = 1000.

Instrumentation amplifiers specifically designed for single supply operation are shown
in Figure 4.2.44. It should be noted that although the specifications in the figure are
given for a single +5 V supply, all of the amplifiers are also capable of dual supply
operation and are specified for both dual and single supply operation on their data
sheets. In addition, the AD623 and AD627 will operate on a single +3 V supply.

Gain Gain Vos Vos CMR | 0.1Hz to 10Hz | Supply
Accuracy| Nonlinearity| Max TC Min p-p Noise | Current
*
AD623B| 0.5%/R 50ppm  |100uV | 1pV/°C | 105dB 1.5V 575pA
AD627B | 0.35%/R| 10ppm 75UV [1pW°C | 85dB 1.5uV 85pA
AMPO4E| 0.4%/R| 250ppm (150pV |3pV/*C | S0dB 0.7V 290pA
ADE26BY 0.6%/P| 200ppm |2.5mV |6uV/I°C | 80dB 2uv TO0pA

*{ P = Pin Programmable 1 Differential Amplifier, G = 100
* { R = Resistor Programmable

Figure 4.2.44: Single supply in-amps: data for Vs = £5 V, G = 1000.

The AD626 is not a true in-amp but is a differential amplifier with a thin-film input at-
tenuator which allows the common mode voltage to exceed the supply voltages. This
device is designed primarily for high and low-side current-sensing applications. It will
also operate on a single +3 V supply.
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In-Amp Input Overvoltage Protection

As interface amplifiers for data acquisition systems, instrumentation amplifiers are
often subjected to input overloads, i.e., voltage levels in excess of the full scale for
the selected gain range. The manufacturer’s “absolute maximum” input ratings for
the device should be closely observed. As with op amps, many in-amps have abso-
lute maximum input voltage specifications equal to +V,. External series resistors (for

current limiting) and Schottky - Vg
diode clamps may be used to Rt z&
prevent overload, if necessary. o AN s
Some instrumentation amplifiers INPUTS @ e % ° ouTPUT
have built-in overload protec- W .
tion circuits in the form of series Z‘§ ? y
o Ad Vs

resistors (thin film) or series-
. h B Always Observe Absolute Maximum Data Sheet Specsl
protection FETs. In-amps suc B Schottky Diode Clamps to the Supply Rails Will Limit
as the AMP-02 and the AD524 Input to Approximately +Vg 0.3V, TVSs Limit Differential Voltage
utilize s eries-protection FETS, B External Resistors ('.’r Internal Thll'-l-FI|m Resistors) Can Limit
K Input Current, but will Increase Noise
because they act as a low lmped' B Some In-Amps Have Series-Protection Input FETs for Lower Noise

ance during normal Operation, and Higher Input Over-Voltages (up to 160V, Depending on Device)
and a high impedance during Figure 4.2.45: Instrumentation amplifier
fault conditions. input overvoltage considerations.

An additional Transient Voltage Suppresser (TVS) may be required across the input
pins to limit the maximum differential input voltage. This is especially applicable to
three op amp in-amps operating at high gain with low values of R,

Chopper Stabilized Amplifiers

For the lowest offset and drift performance, chopper-stabilized amplifiers may be the
only solution. The best bipolar amplifiers offer offset voltages of 10 uV and 0.1 uV/°C
drift. Offset voltages less than 5 uV with practically no measurable offset drift are
obtainable with choppers, albeit

with some penalties. cg";")l'rTIEE:R S = SAMPLE
The basic chopper amplifier ‘7 T ‘ _AUTO-ZETIO
circuit is shown in Figure 4.2.46. o VRV G @ S >
When the switches are in the z (

“Z” (auto-zero) position, capaci- o

tors C2 and C3 are charged to T

the amplifier input and output ¢ *

offset voltage, respectively.

When the switches are in the “S” Figure 4.2.46: Classic chopper amplifier.
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(sample) position, V,y is connected to V; through the path comprised of R1, R2, C2,
the amplifier, C3, and R3. The chopping frequency is usually between a few hundred
Hz and several kHz, and it should be noted that because this is a sampling system, the
input frequency must be much less than one-half the chopping frequency in order to
prevent errors due to aliasing. The R1/C1 combination serves as an antialiasing filter.
It is also assumed that after a steady state condition is reached, there is only a mini-
mal amount of charge transferred during the switching cycles. The output capacitor,
C4, and the load, R,, must be chosen such that there is minimal V;; droop during the
auto-zero cycle.

The basic chopper amplifier of Figure 4.2.46 can pass only very low frequencies
because of the input filtering required to prevent aliasing. The chopper-stabilized
architecture shown in Figure 4.2.47 is most often used in chopper amplifier imple-
mentations. In this circuit, Al is the main amplifier, and A2 is the nulling amplifier.
In the sample mode (switches in “S” position), the nulling amplifier, A2, monitors
the input offset voltage of Al

and drives its output to zero by  _yo ~ v
applying a suitable correcting Al o0
voltage at A1’s null pin. Note, ANG . + T NULL
however, that A2 also has an

$ = SAMPLE

input offset voltage, so it must

correct its own error before

attempting to null A1’s offset.

This is achieved in the auto-zero o
mode (switches in “Z” position)

by momentarily disconnecting

A2 from A1, shorting its inputs

together, and coupling its output Figure 4.2.47: Chopper stabalized amplifier.

to its own null pin. During the

auto-zero mode, the correction voltage for Al is momentarily held by C1. Similarly,
C2 holds the correction voltage for A2 during the sample mode. In modern IC chop-
per-stabilized op amps, the storage capacitors C1 and C2 are on-chip.

Z=AUTO-ZERO

Note in this architecture that the input signal is always connected to the output
through A1. The bandwidth of A1 thus determines the overall signal bandwidth, and
the input signal is not limited to less than one-half the chopping frequency as in the
case of the traditional chopper amplifier architecture. However, the switching action
does produce small transients at the chopping frequency which can mix with the input
signal frequency and produce in-band distortion.
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It is interesting to consider the effects of a chopper amplifier on low frequency 1/f
noise. If the chopping frequency is considerably higher than the 1/f corner frequency
of the input noise, the chopper-stabilized amplifier continuously nulls out the 1/f
noise on a sample-by-sample basis. Theoretically, a chopper op amp therefore has no
1/f noise. However, the chopping action produces wideband noise which is generally
much worse than that of a precision bipolar op amp.

Figure 4.2.48 shows the noise

INPUT VOLTAGE NOISE, nV / yHz

of a precision bipolar ampli- 30 : : 80 . .
¥\ Bipolar: OP177/AD707 Chopper: AD8551/52/54
fier (OP177/AD707) versus 25 N A 70 |
that of the AD8551/52/54 chop— N . W ... 1/F CORNER ... PO T S N
per-stabilized op amp. The A Fc=07Hz
L . L[] BRI N A frnrn 50
peak-to-peak noise in various Y -
. . nw
bandwidths is calculated for 10 fromes ' nd I S
each in the table below the 5 30
01 1 10 100 0.01 0.1 1 10
graphs. Note that as the fre- FREQUENCY (Hz) FREQUENCY (Hz)
quency is lowered, the chopper NOISE BW | BIPOLAR (OP177/AD707) | CHOPPER (AD8551/52/54)
. . . 0.1Hz to 10Hz 0.238uV p-p 1.04 pV p-p
amplifier noise continues to 0.01Rz to Hz 0135V pp 0V pp
drop, while the bipolar ampli- 0.001Hz to 0.1Hz 0.1201V p-p 0.104pV p-p
0.0001Hz to 0.01Hz 0.118uV pp 0.033pV p-p

fier noise approaches a limit
determined by the 1/f corner fre-  Figure 4.2.48: Noise: bipolar vs. chopper amplifier.
quency and its white noise (see

Figure 4.2.9). At a very low frequency,
the noise performance of the chopper is
superior to that of the bipolar op amp.

The AD8551/8552/8554 family of chop-
per-stabilized op amps offers rail-to-rail
input and output single supply opera-
tion, low offset voltage, and low offset
drift. The storage capacitors are internal
to the IC, and no external capacitors
other than standard decoupling capaci- Figure 4.2.49: AD8551/52/54 chopper
tors are required. Key specifications for  stabilized rail-to-rail input/output amplifiers.
the devices are given in Figure 4.2.49.

It should be noted that extreme care must be taken when applying these devices to
avoid parasitic thermocouple effects in order to fully realize the offset and drift per-
formance.

Single Supply: +3V to +5V

5pV Max. Input Offset Voltage
0.04uV/°C Input Offset Voltage Drift
120dB CMR, PSR

100ps Overload Recovery Time

50nVHz Input Voltage Noise

]

]

]

]

W 300pA Supply Current / Op Amp
]

]

B 1.5MHz Gain-Bandwidth Product
]

Single (AD8551), Dual (AD8552) and Quad (AD8554)
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Isolation Amplifiers

There are many applications where it is desirable, or even essential, for a sensor to
have no direct (“galvanic”) electrical connection with the system to which it is sup-
plying data, either in order to avoid the possibility of dangerous voltages or currents
from one half of the system doing damage in the other, or to break an intractable
ground loop. Such a system is said to be “isolated,” and the arrangement which passes
a signal without galvanic connections is known as an “isolation barrier.”

The pI‘OtCCthIl of an isolation barrier B Sensoris at a High Potential Relative to Other Circuitry

works in both direCtiOHS, and may (or may become so under Fault Conditions)

be neede?d n elth§r, qr CV.CH in both. B Sensor May Not Carry Dangerous Voltages, Irrespective

The obvious application is where of Faults in Other Circuitry

a sensor may accidentally encoun- (e.g. Patient Monitoring and Intrinsically Safe Equipment
. for use with Explosive Gases)

ter high voltages, and the system

it is driving must be protected. Or W To Break Ground Loops

a sensor may need to be isolated Figure 4.2.50: Applications for isolation amplifiers.
from accidental high voltages aris-

ing downstream, in order to protect its environment: examples include the need to
prevent the ignition of explosive gases by sparks at sensors and the protection from
electric shock of patients whose ECG, EEG or EMG is being monitored. The ECG
case is interesting, as protection may be required in both directions: the patient must
be protected from accidental electric shock, but if the patient’s heart should stop, the
ECG machine must be protected from the very high voltages (>7.5 kV) applied to the
patient by the defibrillator which will be used to attempt to restart it.

Just as interference, or unwanted information, may be coupled by electric or magnetic
fields, or by electromagnetic radiation, these phenomena may be used for the trans-
mission of wanted information in the design of isolated systems. The most common
isolation amplifiers use transformers, which exploit magnetic fields, and another com-
mon type uses small high voltage capacitors, exploiting electric fields. Opto-isolators,
which consist of an LED and a photocell, provide isolation by using light, a form of
electromagnetic radiation. Different isolators have differing performance: some are
sufficiently linear to pass high accuracy analog signals across an isolation barrier,
with others the signal may need to be converted to digital form before transmission, if
accuracy is to be maintained, a common application for V/F converters.

Transformers are capable of analog accuracy of 12—-16 bits and bandwidths up to
several hundred kHz, but their maximum voltage rating rarely exceeds 10 kV, and
is often much lower. Capacitively coupled isolation amplifiers have lower accuracy,
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perhaps 12-bits maximum, lower bandwidth, and lower voltage ratings—but they are
cheap. Optical isolators are fast and cheap, and can be made with very high volt-

age ratings (4-7 kV is one of the more common ratings), but they have poor analog
domain linearity, and are not usually suitable for direct coupling of precision analog
signals.

Linearity and isolation voltage are not the only issues to be considered in the choice
of isolation systems. Power is essential. Both the input and the output circuitry must
be powered, and unless there is a battery on the isolated side of the isolation bar-

rier (which is possible, but rarely convenient), some form of isolated power must be
provided. Systems using transformer isolation can easily use a transformer (either the
signal transformer or another one) to provide isolated power, but it is impractical to
transmit useful amounts of power by capacitive or optical means. Systems using these
forms of isolation must make other arrangements to obtain isolated power supplies—
this is a powerful consideration in favor of choosing transformer isolated isolation
amplifiers: they almost invariably include an isolated power supply.

The isolation amplifier has an input circuit that is galvanically isolated from the power
supply and the output circuit. In addition, there is minimal capacitance between the
input and the rest of the device. Therefore, there is no possibility for DC current flow,
and minimum AC coupling. Isolation amplifiers are intended for applications requir-
ing safe, accurate measurement of low frequency voltage or current (up to about 100
kHz) in the presence of high common-mode voltage (to thousands of volts) with high
common mode rejection. They are also useful for line-receiving of signals transmitted
at high impedance in noisy environments, and for safety in general-purpose measure-
ments, where DC and line-frequency leakage must be maintained at levels well below
certain mandated minimums. Principal applications are in electrical environments of
the kind associated with medical equipment, conventional and nuclear power plants,
automatic test equipment, and industrial process control systems.

In the basic two-port form, the output and power circuits are not isolated from one
another. In the three-port isolator shown in Figure 4.2.51, the input circuits, output
circuits, and power source are all isolated from one another. The figure shows the
circuit architecture of a self-contained isolator, the AD210. An isolator of this type
requires power from a two-terminal DC power supply. An internal oscillator (50 kHz)
converts the DC power to AC, which is transformer-coupled to the shielded input sec-
tion, then converted to DC for the input stage and the auxiliary power output. The AC
carrier is also modulated by the amplifier output, transformer-coupled to the output
stage, demodulated by a phase-sensitive demodulator (using the carrier as the refer-
ence), filtered, and buffered using isolated DC power derived from the carrier. The
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AD210 allows the user to select gains from 1 to 100 using an external resistor. Band-
width is 20 kHz, and voltage isolation is 2500 V RMS (continuous) and +3500 V peak
(continuous).

FB INPUT T OUTPUT

DEMOD
moD :E j:FILTER

-IN

+IN

lcom Ocom

+Viss

+Voss

INPUT . OUTPUT
POWER POWER
SUPPLY SUPPLY

-Viss ~Voss

POWER
OSCILLATOR

A

PWR PWRCOM

Figure 4.2.51: AD210 3-port isolation amplifier.

The AD210 is a 3-port isolation amplifier: the power circuitry is isolated from both
the input and the output stages and may therefore be connected to either—or to nei-
ther. It uses transformer isolation to achieve 3500 V isolation with 12-bit accuracy.
Key specifications for the AD210 are summarized in Figure 4.2.52.

B Transformer Coupled
B High Common Mode Voltage Isolation: F/gure 4.2.52: AD210 isolation
# 2500V RMS Continuous amplifier key features.
4 13500V Peak Continuous
Wide Bandwidth: 20kHz (Full Power)

u
B 0.012% Maximum Linearity Error
N Input Amplifier: Gain 1 to 100

u

Isolated Input and Output Power Supplies, £15V, 15mA

A typical isolation amplifier application using the AD210 is shown in Figure 4.2.53. The
AD210 is used with an AD620 instrumentation amplifier in a current-sensing system for
motor control. The input of the AD210, being isolated, can be connected to a 110 or 230
V power line without any protection, and the isolated £15 V powers the AD620, which
senses the voltage drop in a small current sensing resistor. The 110 or 230 V RMS com-
mon-mode voltage is ignored by the isolated system. The AD620 is used to improve
system accuracy: the V4 of the AD210 is 15 mV, while the AD620 has V4 of 30 uV and
correspondingly lower drift. If higher DC offset and drift are acceptable, the AD620 may
be omitted, and the AD210 used directly at a closed loop gain of 100.
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Q HIGH VOLAGE
AC INPUT < 2500V RMS

FB INPUT 7 OUTRUT

N
> DEMOD
#N . moD :[ ]:

INPUT “Voge
POWER :l:
SUPPLY

Rg = 4990

FER G = 100 AD210

Figure 4.2.53: Motor control currrent sensing.
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4.3 Analog to Digital Converters for Signal Conditioning

The trend in ADCs and DAC:s is toward higher speeds and higher resolutions at re-
duced power levels. Modern data converters generally operate on +5 V (dual supply)
or +5 V (single supply). In fact, many new converters operate on a single +3 V sup-
ply. This trend has created a number of design and applications problems which were
much less important in earlier data converters, where =15 V supplies and £10 V input
ranges were the standard.

Lower supply voltages imply smaller input voltage ranges, and hence more suscepti-
bility to noise from all potential sources: power supplies, references, digital signals,
EMI/RFI, and probably most important, improper layout, grounding, and decoupling
techniques. Single-supply ADCs often have an input range which is not referenced
to ground. Finding compatible single-supply drive amplifiers and dealing with level
shifting of the input signal in direct-coupled applications also becomes a challenge.

In spite of these issues, components are now available which allow extremely high
resolutions at low supply voltages and low power. This section discusses the ap-
plications problems associated with such components and shows techniques for
successfully designing them into systems.

The most popular precision signal conditioning ADCs are based on two fundamental
architectures: successive approximation and sigma-delta. The tracking ADC archi-
tecture is particularly suited for resolver-to-digital converters, but it is rarely used in
other precision signal conditioning applications. The flash converter and the subrang-
ing (or pipelined) converter architectures are widely used where sampling frequencies
extend into the megahertz and hundreds of megahertz region, but are overkills in both
speed and cost for low frequency precision signal conditioning applications.

B Typical Supply Voltages: +5V, +5V, +5/+3V, +3V
Lower Signal Swings Increase Sensitivity to Figure 4.3.1: Low power, low

all Types of Noise (Device, Power Supply, Logic, etc.) vo/tage ADC des/gn issues
Device Noise Increases at Low Currents

Common Mode Input Voltage Restrictions

Input Buffer Amplifier Selection Critical

Auto-Calibration Modes Desirable at High Resolutions
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B Successive Approximation

4 Resolutions to 16-bits Figure 4.3.2:
# Minimal Throughput Delay Time ADCs for signal conditioning.
4 Used in Multiplexed Data Acquisition Systems

B Sigma-Delta
4 Resolutions to 24-bits
4 Excellent Differential Linearity
4 Internal Digital Filter, Excellent AC Line Rejection
4 Long Throughput Delay Time

4 Difficult to Multiplex Inputs Due to Digital Filter
Settling Time

B High Speed Architectures:
4 Flash Converter

4 Subranging or Pipelined

Successive Approximation ADCs

The successive approximation ADC has been the mainstay of signal conditioning for
many years. Recent design improvements have extended the sampling frequency of
these ADCs into the megahertz region. The use of internal switched capacitor tech-
niques along with auto calibration techniques extend the resolution of these ADCs to
16-bits on standard CMOS processes without the need for expensive thin-film laser
trimming.

The basic successive approximation ADC is shown in Figure 4.3.3. It performs
conversions on command. On the assertion of the CONVERT START command, the
sample-and-hold (SHA) is placed in the hold mode, and all the bits of the succes-

sive approximation register (SAR) are CONVERT
reset to “0” except the MSB which ] SRR
s 133 i . TIMIN

is set to “1”. The SAR output drives ANALOG ! COMPARATOR .
the internal DAC. If the DAC output o— ! DRDY,

. . . OR BUSY
is greater than the analog input, this i >— SUGGESSIVE

bit in the SAR is reset, otherwise it is |: APPROXIMATION

left set. The next most significant bit 5AG G

is then set to “1”. If the DAC output is

greater than the analog input, this bit S

in the SAR is reset, otherwise it is left

set. The process is repeated with each Figure 4.3.3: Successive approximation ADC.
bit in turn. When all the bits have been

set, tested, and reset or not as appropriate, the contents of the SAR correspond to the
value of the analog input, and the conversion is complete.
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The end of conversion is generally indicated by an end-of-convert (EOC), data-ready
(DRDY), or a busy signal (actually, not-BUSY indicates end of conversion). The
polarities and name of this signal may be different for different SAR ADCs, but the
fundamental concept is the same. At the beginning of the conversion interval, the
signal goes high (or low) and remains in that state until the conversion is completed,at
which time it goes low (or high). The trailing edge is generally an indication of valid
output data.

An N-bit conversion takes N steps. It would seem on superficial examination that a
16-bit converter would have twice the conversion time of an 8-bit one, but this is not
the case. In an 8-bit converter, the DAC must settle to 8-bit accuracy before the bit de-
cision is made, whereas in a 16-bit converter, it must settle to 16-bit accuracy, which
takes a lot longer. In practice, 8-bit successive approximation ADCs can convert in a
few hundred nanoseconds, while 16-bit ones will generally take several microseconds.

Notice that the overall accuracy and linearity of the SAR ADC is determined primar-
ily by the internal DAC. Until recently, most precision SAR ADCs used laser-trimmed
thin-film DACs to achieve the desired accuracy and linearity. The thin-film resistor
trimming process adds cost, and the thin-film resistor values may be affected when
subjected to the mechanical stresses of packaging.

For these reasons, switched capacitor (or charge-redistribution) DACs have become
popular in newer SAR ADCs. The advantage of the switched capacitor DAC is that
the accuracy and linearity is primarily determined by photolithography, which in turn
controls the capacitor plate area and the capacitance as well as matching. In addi-
tion, small capacitors can be placed in parallel with the main capacitors which can be
switched in and out under control of autocalibration routines to achieve high accuracy
and linearity without the need for thin-film laser trimming. Temperature tracking
between the switched capacitors can be better than 1 ppm/°C, thereby offering a high
degree of temperature stability.

1 s

A simple 3-bit capacitor DAC is shown A

in Figure 4.3.4. The switches are shown @
in the track, or sample mode where the = Cow-=2c l l i i cra
analog input voltage, Ay, is constantly ;F ;F ;f ;f
charging and discharging the parallel T T T
combination of all the capacitors. The = * _©

hold mode is initiated by opening Sy,
leaving the sampled analog input volt-

SWITCHES SHOWN IN TRACK (SAMPLE) MODE

Figure 4.3.4: 3-bit switched capacitor DAC.
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age on the capacitor array. Switch S is then opened allowing the voltage at node A to
move as the bit switches are manipulated. If S1, S2, S3, and S4 are all connected to
ground, a voltage equal to —A,y appears at node A. Connecting S1 to Vg adds a volt-
age equal to Vyge/2 to —Ay. The comparator then makes the MSB bit decision, and
the SAR either leaves S1 connected to Vg or connects it to ground depending on the
comparator output (which is high or low depending on whether the voltage at node A
1s negative or positive, respectively). A similar process is followed for the remaining
two bits. At the end of the conversion interval, S1, S2, S3, S4, and S, are connected
to A, Sc 1s connected to ground, and the converter is ready for another cycle.

Note that the extra LSB capacitor (C/4 in the case of the 3-bit DAC) is required to
make the total value of the capacitor array equal to 2C so that binary division is ac-
complished when the individual bit capacitors are manipulated.

The operation of the capacitor DAC (cap DAC) is similar to an R/2R resistive DAC.
When a particular bit capacitor is switched to VREF, the voltage divider created by
the bit capacitor and the total array capacitance (2C) adds a voltage to node A equal to
the weight of that bit. When the bit capacitor is switched to ground, the same voltage
is subtracted from node A.

Because of their popularity, successive approximation ADCs are available in a
wide variety of resolutions, sampling rates, input and output options, package
styles, and costs. It would be impossible to attempt to list all types, but Figure
4.3.5 shows a number of recent Analog Devices’ SAR ADCs which are repre-
sentative. Note that many devices are complete data acquisition systems with
input multiplexers which allow a single ADC core to process multiple analog
channels.

RESOLUTION SAMPLING POWER CHANNELS

RATE
AD7472 12-BITS 1.5 MSPS 9 mW 1
AD7891 12-BITS 500 kSPS 85 mW 8
AD7858/59 12-BITS 200 kSPS 20 mwW 8
AD7887/88 12-BITS 125 kSPS 3.5 mW 8
AD7856/57 14-BITS 285 kSPS 60 mW 8
AD974 16-BITS 200 kSPS 120 mW 4
AD7670 16-BITS 1 MSPS 250 mW 1

Figure 4.3.5: Resolution/conversion time comparison
for representative single-supply SAR ADCs.
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While there are some variations, the fundamental timing of most SAR ADCs is
similar and relatively straightforward (see Figure 4.3.6). The conversion process is
initiated by asserting a CONVERT START signal. The CONVST signal is a negative-
going pulse whose positive-going edge actually initiates the conversion. The internal
sample-and-hold (SHA) amplifier is placed in the hold mode on this edge, and the
various bits are determined using the SAR algorithm. The negative-going edge of

the CONVST pulse causes the EOC or BUSY line to go high. When the conversion
is complete, the BUSY line goes low, indicating the completion of the conversion
process. In most cases the trailing edge of the BUSY line can be used as an indication
that the output data is valid and can be used to strobe the output data into an external
register. However, because of the many variations in terminology and design, the in-
dividual data sheet should always
be consulted when using with a . ,
specific ADC. ; :

o] | ] n

1 1 1 1 .
:<CONVERSION>: TRACK/ :<CONVERSION>: TRACK/ :

SAMPLE X SAMPLE X+1 SAMPLE X+2
i i :

It should also be noted that some

SAR ADCs require an external {  TME THACQUIRE{ "  TIME ;ACOU'REE
high frequency clock in addition EoC

to the CONVERT START com- =8 u u
mand. In most cases, there is no OUTPUT ;CCCCCCCCC:CC: DATA :CCCCCCCCCCCC( oA ;OCCOC(
need to synchronize the two. The DATA X Xt
frequency of the external clock, Figure 4.3.6: Typical SAR ADC timing.

if required, generally falls in the

range of 1 MHz to 30 MHz depending on the conversion time and resolution of the
ADC. Other SAR ADC:s have an internal oscillator which is used to perform the
conversions and only require the CONVERT START command. Because of their
architecture, SAR ADCs allow single-shot conversion at any repetition rate from DC
to the converter’s maximum conversion rate.

In a SAR ADC, the output data for a particular cycle is valid at the end of the con-
version interval. In other ADC architectures, such as sigma-delta or the two- stage
subranging architecture shown in Figure 4.3.7, this is not the case. The subranging
ADC shown in the figure is a two-stage pipelined or subranging 12-bit converter.
The first conversion is done by the 6-bit ADC which drives a 6-bit DAC. The out-
put of the 6-bit DAC represents a 6-bit approximation to the analog input. Note that
SHAZ?2 delays the analog signal while the 6-bit ADC makes its decision and the 6-bit
DAC settles. The DAC approximation is then subtracted from the analog signal from
SHA?2, amplified, and digitized by a 7-bit ADC. The outputs of the two conversions
are combined, and the extra bit used to correct errors made in the first conversion.
The typical timing associated with this type of converter is shown in Figure 4.3.8.
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SAMPLING | Y
CLOCK 6-BIT 6-BIT 7-BIT
— >
TIMING ADC 6| DAC ADC
\
BUFFER
> REGISTER

46 Ty

ERROR CORRECTION LOGIC

+12

> OUTPUT REGISTERS

OUTPUT DATA + 12
Figure 4.3.7: 12-bit two-stage pipelined ADC architecture.

SAMPLE X SAMPLE X+1 SAMPLE X+2
1 1 1

SAMPLING
CLOCK

OUTPUT DATA DATA DATA
DATA X X

ABOVE SHOWS TWO CLOCK-CYCLES PIPELINE DELAY

Figure 4.3.8: Typical pipelined ADC timing.

Note that the output data presented immediately after sample X actually corresponds
to sample X-2, i.e., there is a two clock-cycle “pipeline” delay. The pipelined ADC
architecture is generally associated with high speed ADCs, and in most cases the
pipeline delay, or latency, is not a major system problem in most applications where
this type of converter is used.

Pipelined ADCs may have more than two clock-cycles latency depending on the
particular architecture. For instance, the conversion could be done in three, or four, or
perhaps even more pipelined stages causing additional latency in the output data.

Therefore, if the ADC is to be used in an event-triggered (or single-shot) mode

where there must be a one-to-one time correspondence between each sample and the
corresponding data, then the pipeline delay can be troublesome, and the SAR archi-
tecture is advantageous. Pipeline delay or latency can also be a problem in high speed
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servo-loop control systems or multiplexed applications. In addition, some pipelined
converters have a minimum allowable conversion rate and must be kept running to
prevent saturation of internal nodes.

Switched capacitor SAR ADCs generally have unbuffered input circuits similar to the
circuit shown in Figure 4.3.9 for the AD7858/59 ADC. During the acquisition time,
the analog input must charge the 20 pF equivalent input capacitance to the correct
value. If the input is a DC signal, then the source resistance, Ry, in series with the 125
Q internal switch resistance creates a time constant. In order to settle to 12-bit ac-
curacy, approximately 9 time constants must be allowed for settling, and this defines
the minimum allowable acquisition time. (Settling to 14-bits requires about 10 time
constants, and 16-bits requires about 11).

Thco > 9 X (Rg +125)Q x 20 pF.

For example, if Rq = 50 €2, the acquisition time per the above formula must be at least
310 ns.

For AC applications, a low impedance source should be used to prevent distortion
due to the non-linear ADC input circuit. In a single supply application, a fast settling
rail-to-rail op amp such as the AD820 should be used. Fast settling allows the op amp
to settle quickly from the transient currents induced on its input by the internal ADC
switches. In Figure 4.3.9, the AD820 drives a lowpass filter consisting of the 50 €2
series resistor and the 10 nF capacitor (cutoff frequency approximately 320 kHz).
This filter removes high frequency components which could result in aliasing and
increased noise.

+3V TO +5V 0.1uF

ot DD O O

Vi = r=- TTT

IN 10k =320kHz AVpp  DVpp

O—/\ — 1
500 / 1 1260

ViN : OVTO +2.5V AD7858/59

. [}
AIN+ : 2.6V TO +0.1V 10nF | AlNe T 20pF

1

1 o
1 4120 +oomv 13832 Ty
0.1pF
1 AIN-
1
Ve = +1.30V /\/ ¢ Veer He % T=TRACK
_L 25V | iy

10kQ
g 10.7kQ M"@ :_ Din i

NOTE: ONLY ONE INPUT SHOWN

Figure 4.3.9: Driving switched capacitor inputs
of AD7858/59 12-bit, 200 kSPS ADC.
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Using a single supply op amp in this application requires special consideration of sig-
nal levels. The AD820 is connected in the inverting mode and has a signal gain of —1.
The noninverting input is biased at a common mode voltage of +1.3 V with the 10.7
k€Q/10 kQ divider, resulting in an output voltage of +2.6 V for V=0V, and +0.1

V for V| = +2.5 V. This offset is provided because the AD820 output cannot go all
the way to ground, but is limited to the VCESAT of the output stage NPN transistor,
which under these loading conditions is about 50 mV. The input range of the ADC is
also offset by +100 mV by applying the +100mV offset from the 412 €/10 k€2 divider
to the AIN- input.

The AD789X-family of single supply SAR ADCs (as well as the AD974, AD976,

and AD977) includes a thin film resistive attenuator and level shifter on the analog
input to allow a variety of input range options, both bipolar and unipolar. A simpli-
fied diagram of the input circuit of the AD7890-10 12-bit, 8-channel ADC is shown in
Figure 4.3.10. This arrangement allows the converter to digitize a 210V input while
operating on a single +5 V supply. The R1/R2/R3 thin film network provides the at-
tenuation and level shifting to convert the £10 V input to a 0 V to +2.5 V signal which
is digitized by the internal ADC. This type of input requires no special drive circuitry
because R1 isolates the input from the actual converter circuitry. Nevertheless, the
source resistance, Ry, should be kept reasonably low to prevent gain errors caused by
the R¢/R1 divider.

AD7890-10
12-BITS, 8-CHANNEL

REFOUT/

REFIN +2.5V TO ADC REF CIRCUITS

R2

Rs VinNX R1 { 7.5kQ  TOQ MUX, SHA, ETC.
N -
v 30K R3 OV TO +2.5V
Vg 10k0
aeND
R1, R2, R3 ARE
RATIO-TRIMMED

THIN FILM RESISTORS

Figure 4.3.10: Driving single-supply ADCs with scaled inputs.
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SAR ADCs with Multiplexed Inputs

Multiplexing is a fundamental part of many data acquisition systems, and a funda-
mental understanding of multiplexers is required to design a data acquisition system.
Switches for data acquisition

systems, especially when inte- Vg on

grated into the IC, generally are j p-cH %
CMOS-types shown in Figure e o o] Pen ] Your
4.3.11. Utilizing the P-Channel e

and N-Channel MOSFET switches N'c:s T

in parallel minimizes the change of
on-resistance (Ry) as a function

. . PMOS
of signal voltage. On-resistance can >( /Mos
CMOS

Ron A

vary from less than 5 Q to several

\\
hundred ohms depending upon the -
device. Variation in on-resistance - SIGNAL VOLTAGE *
as a function of signal level (often Figure 4.3.11: Basic CMOS analog switch.

called R,\-modulation) can cause
distortion if the multiplexer must drive a load, and therefore R flatness is also an im-
portant specification.

Because of non-zero Ry and R -modulation, multiplexer outputs should be isolated
from the load with a suitable buffer amplifier. A separate buffer is not required if the
multiplexer drives a high input impedance, such as a PGA, SHA or ADC—but be-
ware! Some SHAs and ADCs draw high frequency pulse current at their sampling rate
and cannot tolerate being driven by an unbuffered multiplexer.

The key multiplexer specifications are

.o . . CHANNEL
SWltChlng time, on-resistance, on- ADDRESS /

resistance flatness, and off-channel cLock  © N ADDRESS

isolation, and crosstalk. Multiplexer PR,

switching time ranges from less than — ﬂE°°°E:°N —

20 ns to over 1us, RON from less than ~ channert o / A/ A

5 Q to several hundred ohms, and off- . .

channel isolation from 50 to 90 dB. : S— <] .
A number of CMOS switches can be CHANNEL M 07%%%" L
connected to form a multiplexer as

shown in Figure 4.3.12. The number of Figure 4.3.12: Simplified diagram of
input channels typically ranges from 4 a typical analog multiplexer.
to 16, and some multiplexers have in-
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ternal channel-address decoding logic and registers, while with others, these functions
must be performed externally. Unused multiplexer inputs must be grounded or severe
loss of system accuracy may result.

Complete Data Acquisition Systems on a Chip

VLSI mixed-signal processing allows the integration of large and complex data
acquisition circuits on a single chip. Most signal conditioning circuits including mul-
tiplexers, PGAs, and SHAs, can now be manufactured on the same chip as the ADC.
This high level of integration permits data acquisition systems (DASs) to be specified
and tested as a single complex function.

Such functionality relieves the designer of most of the burden of testing and calcu-
lating error budgets. The DC and AC characteristics of a complete data acquisition
system are specified as a complete function, which removes the necessity of calculat-
ing performance from a collection of individual worst case device specifications. A
complete monolithic system should achieve a higher performance at much lower cost
than would be possible with a system built up from discrete functions. Furthermore,
system calibration is easier, and in fact many monolithic DASs are self calibrating,
offering both internal and system calibration functions.

The AD7858 is an example of a highly integrated IC DAS (see Figure 4.3.13). The
device operates on a single supply voltage of +3 V to +5.5 V and dissipates only 15
mW. The resolution is 12-bits, and the maximum sampling frequency is 200 kSPS.
The input multiplexer can be configured either as eight single-ended inputs or four
pseudo-differential inputs. The AD7858 requires an external 4 MHz clock and initi-
ates the conversion on the positive-going edge of the CONVST pulse which does not
need to be synchronized to the high frequency clock. Conversion can also be initiated
via software by setting a bit in the proper control register.

AIN1 ‘ AD7858/ DVeo
* MUX TH AD7858L .
AlNS ‘ AVoo Figure 4.3.13: AD7858
AGND .
12-bit, 200 kSPS 8-channel
' penp single-supply ADC
e T gle-supply ADC.
REFour
SWITCHED
CREF1 CAPACITOR CLKIN
DAC __
CREF2 7 SAR + ADC CONVST
__ CALIBRATION CONTROL | | & gysy
CAL MEMORY AND _
CONTROLLER SLEEP
! }
| SERIAL INTERFACE/CONTROL REGISTER |
A A PN A
SYNC DIN DOUT SCLK
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The AD7858 contains an on-chip 2.5 V reference (which can be overridden with an
external one), and the fullscale input voltage range is 0 V to VREF. The internal DAC
1s a switched capacitor type, and the ADC contains a self-calibration and system
calibration option to ensure accurate operation over time and temperature. The input/
output port is a serial one and is SPI, QSPI, 8051, and uP compatible.

The AD7858L is a lower power (5.5 mW) version of the AD7858 which operates at a
maximum sampling rate of 100 kSPS.

Sigma-Delta (XA) Measurement ADCs

Sigma-delta analog-digital converters (XA ADCs) have been known for nearly thirty
years, but only recently has the technology (high-density digital VLSI) existed to
manufacture them as inexpensive monolithic integrated circuits. They are now used
in many applications where a low-cost, low-bandwidth, low-power, high-resolution
ADC is required.

There have been innumerable descriptions of the architecture and theory of 2A ADCs,
but most commence with a maze of integrals and deteriorate from there. In the Ap-
plications Department at Analog Devices, we frequently encounter engineers who do
not understand the theory of operation of XA ADCs and are convinced, from study of
a typical published article, that it is too complex to comprehend easily.

There is nothing particularly difficult to understand about XA ADCs, as long as you
avoid the detailed mathematics, and this section has been written in an attempt to clar-
ify the subject. A XA ADC contains very simple analog electronics (a comparator, a
switch, and one or more integrators and analog summing circuits), and quite complex
digital computational circuitry. This circuitry consists of a digital signal processor
(DSP) which acts as a filter (generally, but not invariably, a low pass filter). It is not
necessary to know precisely how the filter works to appreciate what it does. To un-
derstand how a XA ADC works, familiarity
with the concepts of over-sampling, quan-
tization noise shaping, digital filtering, and
decimation is required.

B Low Cost, High Resolution (to 24-bits) Excellent DNL,
B Low Power, but Limited Bandwidth
B Key Concepts are Simple, but Math is Complex

4 Oversampling

Let us consider the technique of over-sam- # Quantization Noise Shaping
pling with an analysis in the frequency  Digital Filtering

domain. Where a DC conversion has a # Decimation

quantization error of up to 2 LSB, a B Ideal for Sensor Signal Conditioning

4 High Resolution
4 Self, System, and Auto Calibration Modes

Figure 4.3.14: Sigma-delta ADCs.
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sampled data system has quantiza- *

. . . . lfs Nyquist QUANTIZATION
tion noise. A perfect classical N-bit - Operation — NOISE = /72
. _'M—’ q=1LSB
sampling ADC has an RMS quan- ‘ :
. . . . Oversampling 5
tization noise of q/\/ 12 uniformly B + Digital Filter 2

}/> +Decimation | \ ; DIGITAL FILTER
distributed within the Nyquist —>| ADC |——| DieTAL |DEC|—> REMOVED NOISE
band of DC to /2 (where q is .
the value of an LSB and f, is the Pt 3 S “

. . . + Digital Filter
sampling rate) as shown in Figure ¢ K. +Deematen
4.3.15A. Therefore, its SNR with e RENOVED TOISE

_’| MOD |_'| FILTER |DEC|_’ |

a full-scale sinewave input will be s Kig Kis
(6.02N + 1.76) dB. If the ADC is ’

less than perfect’ and its noise is Figure 4.3.15: Oversamp//ng, digita/ ﬁ/tering,
greater than its theoretical mini- noise shaping, and decimation.

mum quantization noise, then its effective resolution will be less than N-bits. Its actual
resolution (often known as its effective number of bits or ENOB) will be defined by

SNR—-1.76 dB
6.02 dB

ENOB =

If we choose a much higher sampling rate, Kf, (see Figure 4.3.15B), the quantization
noise is distributed over a wider bandwidth DC to Kf/2. If we then apply a digital
low pass filter (LPF) to the output, we remove much of the quantization noise, but
do not affect the wanted signal—so the ENOB is improved. We have accomplished a
high resolution A/D conversion with a low resolution ADC. The factor K is generally
referred to as the oversampling ratio.

Since the bandwidth is reduced by the digital output filter, the output data rate may be
lower than the original sampling rate (Kfs) and still satisfy the Nyquist criterion. This
may be achieved by passing every Mth result to the output and discarding the remain-
der. The process is known as “decimation” by a factor of M. Despite the origins of the
term (decem 1s Latin for ten), M can have any integer value, provided that the output
data rate is more than twice the signal bandwidth. Decimation does not cause any loss
of information (see Figure 4.3.15B).

If we simply use over-sampling to improve resolution, we must over-sample by a
factor of 2N to obtain an N-bit increase in resolution. The XA converter does not
need such a high over-sampling ratio because it not only limits the signal passband,
but also shapes the quantization noise so that most of it falls outside this passband as
shown in Figure 4.3.15C.
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If we take a 1-bit ADC (generally E CLOCK (ffs
known as a comparator), drive vr 1 ® T

it with the output of an integra- O—f—z@—> » DiermAL | NBITS
tor, and feed the integrator with V- b EN Do R 76’
an input signal summed with the

output of a 1-bit DAC fed from the
ADC output, we have a first-order
2A modulator as shown in Figure
4.3.16. Add a digital low pass filter
(LPF) and decimator at the digital

output, and we have a XA ADC: S A A ]
the XA modulator shapes the quan- Figure 4.3.16: First order sigma-delta ADC,
tization noise so that it lies above

the passband of the digital output filter, and the ENOB is therefore much larger than
would otherwise be expected from the over-sampling ratio.

N\ LATCHED
COMPARATOR
(1-BIT ADC)

Veer

-—
1-BIT DATA
STREAM

DAC

~Veer

Intuitively, a XA ADC operates as follows. Assume a DC input at V . The integrator

is constantly ramping up or down at node A. The output of the comparator is fed back
through a 1-bit DAC to the summing input at node B. The negative feedback loop from
the comparator output through the 1-bit DAC back to the summing point will force the
average DC voltage at node B to be equal to V. This implies that the average DAC output
voltage must equal to the input voltage V. The average DAC output voltage is controlled
by the ones-density in the 1-bit data stream from the comparator output. As the input
signal increases towards +V gy, the number of “ones” in the serial bit stream increases,

and the number of “zeros” decreases. Similarly, as the signal goes negative towards —Vggp,
the number of “ones” in the serial bit

stream decreases, and the number v 1 xe 8JANT|Z ATION
of “zeros” increases. From a very ! \ l NOISE
simplistic standpoint, this analysis X @ ANALOG FILTER @ v
shows that the average value of the 2 nO=7 \Z/

input voltage is contained in the serial B I Y

bit stream out of the comparator. The

digital filter and decimator process the Y= Tx-v+a

serial bit stream and produce the final REARRANGING, SOLVING FOR Y:

output data. v= 2 2

The concept of noise shaping is best / N

explained in the frequency domain SIGNALTERM — NOISE TERM

by considering the simple XA modu-  Figure 4.3.17: Simplified frequency domain
lator model in Figure 4.3.17. linearized model of a sigma-delta modulator.
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The integrator in the modulator is represented as an analog lowpass filter with a
transfer function equal to H(f) = 1/f. This transfer function has an amplitude response
which is inversely proportional to the input frequency. The 1-bit quantizer generates
quantization noise, Q, which is injected into the output summing block. If we let the
input signal be X, and the output Y, the signal coming out of the input summer must
be X —Y. This is multiplied by the filter transfer function, 1/f, and the result goes to
one input to the output summer. By inspection, we can then write the expression for
the output voltage Y as:

1
Y=—(X-Y
Hx-1)+0

This expression can easily be rearranged and solved for Y in terms of X, f, and Q:

X 0oFf

B FSRES|

Note that as the frequency f approaches zero, the output voltage Y approaches X with
no noise component. At higher frequencies, the amplitude of the signal component
decreases, and the noise component increases. At high frequency, the output consists
primarily of quantization noise. In essence, the analog filter has a lowpass effect on
the signal, and a highpass effect on the quantization noise. Thus the analog filter per-
forms the noise shaping function in the 2A modulator model.

For a given input frequency, higher order analog filters offer more attenuation. The
same is true of XA modulators, provided certain precautions are taken.

By using more than one integration and
summing stage in the £A modulator,

we can achieve higher orders of quan-
tization noise shaping and even better
ENOB for a given over-sampling ratio
as is shown in Figure 4.3.18 for both a
first and second-order XA modulator.
The block diagram for the second-order
2A modulator is shown in Figure 4.3.19.
Third, and higher, order XA ADCs were . Kf,
once thought to be potentially unstable
at some values of input. Recent analyses  Figure 4.3.18: Sigma-delta modulators
using finite rather than infinite gains in shape quantization noise.

the comparator have shown that this is not necessarily so, but even if instability does
start to occur, it is not important, since the DSP in the digital filter and decimator can

2ND ORDER

DIGITAL
FILTER

18T ORDER

105



Chapter 4

be made to recognize incipient instabil- INTEGRATOR INTEGRATOR ., CLOCK
ity and react to prevent it.

Figure 4.3.20 shows the relationship
between the order of the XA modula-
tor and the amount of over-sampling
necessary to achieve a particular SNR. ¥

For instance, if the oversampling ratio e
is 64, an ideal second-order system is . B::CI%MOR
capable of providing an SNR of about s

80dB. This implies approximately 13 Fjgure 4.3.19: Second-order sigma-delta ADC.
effective number of bits (ENOB). Al-

though the filtering done by the digital

filter and decimator can be done to any Rt
. . . . 100 —
degree of precision desirable, it would
be pointless to carry more than 13 80 - SECOND-ORDER LOOP

15dB / OCTAVE

binary bits to the outside world. Addi-  «s
tional bits would carry no useful signal
information, and would be buried in the
quantization noise unless post-filtering 20
techniques were employed.

FIRST-ORDER LOOP

9dB / OCTAVE
40 —

*>2nd ORDER LOOPS DO NOT
OBEY LINEAR MODEL

o | | | | | |
4 8 16 32 64 128 256

The XA ADCs that we have described OVERSAMPLING RATIO, K

so far contain integrators, which are Figure 4.3.20: SNR versus oversampling ratio

low pass filters, whose passband for first, second, and third-order loops.
extends from DC. Thus, their quanti-

zation noise is pushed up in frequency. At present, most commercially available A
ADC:s are of this type (although some which are intended for use in audio or tele-
communications applications contain bandpass rather than lowpass digital filters to
eliminate any system DC offsets). Sigma-delta ADCs are available with resolutions
up to 24-bits for DC measurement applications (AD77XX-family), and with resolu-
tions of 18-bits for high quality digital audio applications (AD1879).

But there is no particular reason why the filters of the XA modulator should be LPFs,
except that traditionally ADCs have been thought of as being baseband devices, and
that integrators are somewhat easier to construct than bandpass filters. If we replace
the integrators in a XA ADC with bandpass filters (BPFs), the quantization noise is
moved up and down in frequency to leave a virtually noise-free region in the pass-
band (see Reference 1). If the digital filter is then programmed to have its pass-band
in this region, we have a XA ADC with a bandpass, rather than a lowpass characteris-
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tic. Although studies of this architecture are in their infancy, such ADCs would seem
to be ideally suited for use in digital radio receivers, medical ultrasound, and a num-
ber of other applications.

A XA ADC works by over-sampling, where simple analog filters in the XA modula-
tor shape the quantization noise so that the SNR in the bandwidth of interest is much
greater than would otherwise be the case, and by using high performance digital
filters and decimation to eliminate noise outside the required passband. Because the
analog circuitry is so simple and undemanding, it may be built with the same digital
VLSI process that is used to fabricate the DSP circuitry of the digital filter. Because
the basic ADC is 1-bit (a comparator), the technique is inherently linear.

Although the detailed analysis of XA ADCs involves quite complex mathematics, their
basic design can be understood without the necessity of any mathematics at all. For
further discussion on 2A ADCs, refer to References 2 and 3.

High Resolution, Low-Frequency Sigma-Delta Measurement ADCs

The AD7710, AD7711, AD7712, AD7713, and AD7714, AD7730, and AD7731

are members of a family of sigma-delta converters designed for high accuracy, low
frequency measurements. They have no missing codes to 24-bits, and their effective
resolutions extend to 22.5 bits depending upon the device, update rate, programmed
filter bandwidth, PGA gain, post-filtering, etc. They all use similar sigma-delta cores,
and their main differences are in their analog inputs, which are optimized for different
transducers. Newer members of the family, such as the AD7714, AD7730/7730L, and
the AD7731/7731L are designed and specified for single supply operation.

There are also similar 16-bit devices available (AD7705, AD7706, AD7715) which
also operate on single supplies.

The AD1555/AD1556 is a 24-bit two-chip XA modulator/filter specifically designed
for seismic data acquisition systems. This combination yields a dynamic range of 120 dB.
The AD1555 contains a PGA and a 4th-order XA modulator. The AD1555 outputs a
serial 1-bit data stream to the AD1556 which contains the digital filter and decimator.
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4.4 Signal Conditioning High Impedance Sensors

Many popular sensors have output impedances greater than several M2, and the
associated signal conditioning circuitry must be carefully designed to meet the chal-

lenges of low bias current, low noise, and high
gain. A large portion of this section is devoted
to the analysis of a photodiode preamplifier.
This application points out many of the prob-
lems associated with high impedance sensor
signal conditioning circuits and offers practical
solutions which can be applied to practically
all such sensors. Other examples of high
impedance sensors discussed are piezoelectric
sensors, charge output sensors, and charge

coupled devices (CCDs).

Photodiode Preamplifier Design

Photodiodes generate a small
current which is proportional

pH Monitors

Photodiode Preamplifiers

B Fiezoelectric Sensors

¢ Accelerometers
4 Hydrophones

Humidity Monitors

Chemical Bensors
Smoke Detectors

Charge Coupled Devices and

Contact Image Sensors for Imaging

Figure 4.4.1: High impedance sensors.

B Optical: Light Meters, Auto-Focus, Flash Controls

to the level of illumination. B Medical: CAT Scanners {X-Ray Detection), Blood Particle Analyzers

They have many apphcatlons B Automotive: Headlight Dimmers, Twilight Detectors

ranging from precision light
meters to high-speed fiber

B Communications: Fiber Optic Receivers

OptiC receivers. B Industrial: Bar Code Scanners, Position Sensors, Laser Printers

The equivalent circuit for a
photodiode is shown in Figure 4.4.3.
One of the standard methods for speci-
fying the sensitivity of a photodiode

is to state its short circuit photocur-
rent (Ig.) at a given light level from

a well defined light source. The most
commonly used source is an incandes-
cent tungsten lamp running at a color
temperature of 2850K. At 100 fc (foot-
candles) illumination (approximately
the light level on an overcast day), the

Figure 4.4.2: Photodiode applications.

INCIDENT
LIGHT
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PHOTO
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ReulT} —

100k -
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NOTE: Rgy HALVES EVERY 10°C TEMPERATURE RISE

Figure 4.4.3: Photodiode equivalent circuit.

short circuit current is usually in the picoamps to hundreds of microamps range for

small area (less than 1mm?) diodes.
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The short circuit current is very linear over 6 to 9 decades of light intensity, and is
therefore often used as a measure of absolute light levels. The open circuit forward
voltage drop across the photodiode varies logarithmically with light level, but, be-
cause of its large temperature coefficient, the diode voltage is seldom used as an
accurate measure of light intensity.

The shunt resistance Rgy, is usually in the order of 1000 MQ at room temperature, and
decreases by a factor of two for every 10°C rise in temperature. Diode capacitance C,

is a function of junction area and the diode bias voltage. A value of 50 pF at zero bias
is typical for small area diodes.

Photodiodes may either be operated with zero bias (photovoltaic mode, left) or re-
verse bias (photoconductive mode, right) as shown in Figure 4.4.4. The most precise
linear operation is obtained in the

photovoltaic mode, while higher -— -—

switching speeds are realizable

when the diode is operated in N N
the photoconductive mode at the
. . _VE|AS
expense of linearity. Under these
reverse bias conditions, a small _PHOTOVOLTAIC PHOTOCONDUCTIVE
B Zero Bias B Reverse Bias
amount of current called dark cur- B No "Dark” Current B Has "Dark” Current
rent will flow even when there is W Linear W Nenlinear
. . . . B Low Noise (Johnson) B Higher Noise (Johnson + Shot)
no illumination. There is no dark B Precision Applications B High Speed Applications

current in the photovoltaic mode.
In the photovoltaic mode, the di-
ode noise is basically the thermal noise B Area: 0.2mm?
generated by the shunt resistance. In the
photoconductive mode, shot noise due
to conduction is an additional source of B Shunt Resistance @ 25°C: 1000MQ
noise. Photodiodes are usually Opti' B Maximum Linear Qutput Current: 40pA
mized during the design process for use
in either the photovoltaic mode or the
phOtOCOl’ldllCtiVG mode, but not both. B Photosensitivity: 0.03pA / foot candle (fc)
Figure 4.4.5 shows the photosensitivity Figure 4.4.5: Photodiode specifications:
for a small photodiode (Silicon Detec-  silicon detector part number SD-020-12-001.
tor Part Number SD-020-12-001), and

specifications for the diode are summarized in Figure 4.4.6. This diode was chosen
for the design example to follow.

Figure 4.4.4: Photodiode modes of operation.

N Capacitance: 50pF

H Response Time: 12ns
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A convenient way to convert the ENVIRONMENT ILLUMINATION (fc) | SHORT CIRCUIT CURRENT
photodiode current into a usable Direct Sunlight 1000 30uA
voltage is to use an op amp as a Overcast Day 100 3uA
current—to—voltage converter as Twilight 1 0.03pA
shown in Figure 4.4.7. The diode Full Moonlit Night 0.4 3000pA

bias is maintained at zero volts Clear Night / No Moon 0.001 30pA

by the virtual ground of the op
amp, and the short circuit current
is converted into a voltage. At
maximum sensitivity, the ampli-
fier must be able to detect a diode R = 1000MQ
current of 30 pA. This implies I?(‘f_o:oﬁ?)“ a%Y
that the feedback resistor must be I
very large, and the amplifier bias

current very small. For example, §

1000 M will yield a correspond-

ing voltage of 30 mV for this + Sensitivity: ImV / pA

amount of current. Larger resistor %77
values are impractical, so we will

use 1000 M£ for the most sensi- Figure 4.4.7: Current-to-voltage converter
tive range. This will give an output (simplified).

voltage range of 10 mV for 10pA

of diode current and 10 V for 10 nA of diode current. This yields a range of 60 dB.
For higher values of light intensity, the gain of the circuit must be reduced by using a
smaller feedback resistor. For this range of maximum sensitivity, we should be able to
easily distinguish between the light intensity on a clear moonless night (0.001fc) and
that of a full moon (0.1fc)!

Figure 4.4.6: Short circuit current versus light
intensity for photodiode (photovoltaic mode).

—O

Notice that we have chosen to get as much gain as possible from one stage, rather
than cascading two stages. This is in order to maximize the signal-to-noise ratio
(SNR). If we halve the feedback resistor value, the signal level decreases by a factor
of 2, while the noise due to the feedback resistor (4 kTR - Bandwidth) decreases by
only 2. This reduces the SNR by 3 dB, assuming the closed loop bandwidth remains
constant. Later in the analysis, we will see that the resistors are one of the largest con-
tributors to the overall output noise.

To accurately measure photodiode currents in the tens of picoamps range, the bias
current of the op amp should be no more than a few picoamps. This narrows the
choice considerably. The industry-standard OP07 is an ultra-low offset voltage (10
LV) bipolar op amp, but its bias current is 4 nA (4000 pA!). Even super-beta bipolar
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op amps with bias current compensation (such as the OP97) have bias currents on the
order of 100 pA at room temperature, but may be suitable for very high temperature
applications, as these currents do not double every 10°C rise like FETs. A FET-input
electrometer-grade op amp is chosen for our photodiode preamp, since it must oper-
ate only over a limited temperature range. Figure 4.4.8 summarizes the performance
of several popular “electrometer grade” FET input op amps. These devices are fabri-
cated on a BiFET process and

use P-Channel JFETS as the PART# | Vgs | TCVgs, | Ig | 0.1HZTO 10Hz | PACKAGE
input stage (see Figure 4.4.9). MAXT | MAX | max NOISE

The rest of the op amp circuit is _APS4 | 250wV | swviC | 100A 4uVp-p T0-99
designed using bipolar devices. AD6&45 250pv 1uvrc 1.5pA 2uV p-p TO-99, DIP
The BiFET op amps are laser AD795 | 2500V | 3uvrc 1pA 2,54V p-p SOIC, DIP

trimmed at the wafer level to
minimize offset voltage and
offset voltage drift. The offset
voltage drift is minimized by
first trimming the input stage for equal currents in the two JFETs which comprise the
differential pair. A second trim of the JFET source resistors minimizes the input offset
voltage. The AD795 was selected for the photodiode preamplifier, and its key specifi-
cations are summarized in Figure 4.4.10.

* 25°C SPECIFICATION

Figure 4.4.8: Low bias current precision BiFET op amps
(electrometer grade).

+Vg

W Offset Voltage: 250uV Max. @ 25°C (K Grade)
2 OFFSET VOLTAGE B Offset Voltage Drift: 3uV / °C Max (K Grade)
50 + TRIM RESISTORS A':::?;.TIF?EFR B Input Bias Current: 1pA Max @ 25°C (K Grade)
6 B 0.1Hz to 10Hz Voltage Noise: 2.5uV p-p
B 1/f Corner Frequency: 12Hz
\I Veias W Voltage Noise: 10nV / YHz @ 100Hz
1 0——ee» *ee —=2 5§ W Current Noise: 0.6fA / vHz @ 100Hz
NuLL g:lsl;';{_rgg nuLL B 40mW Power Dissipation @ +15V
T B 1MHz Gain Bandwidth Product
s Figure 4.4.10: AD795 BiFET op amp
Figure 4.4.9: BIFET op amp input stage. key specifications.

Since the diode current is measured in terms of picoamperes, extreme attention must
be given to potential leakage paths in the actual circuit. Two parallel conductor stripes
on a high-quality well-cleaned epoxy-glass PC board 0.05 inches apart running paral-
lel for 1 inch have a leakage resistance of approximately 10" ohms at +125°C. If
there is 15 volts between these runs, there will be a current flow of 150 pA.
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The critical leakage paths for the photodi-
ode circuit are enclosed by the dotted lines
in Figure 4.4.11. The feedback resistor
should be thin film on ceramic or glass with
glass insulation. The compensation capaci-
tor across the feedback resistor should have
a polypropylene or polystyrene dielectric.
All connections to the summing junction
should be kept short. If a cable is used to
connect the photodiode to the preamp, it
should be kept as short as possible and have
Teflon insulation.

Figure 4.4.11: Leakage current paths.

Guarding techniques can be used to reduce parasitic leakage currents by isolating the
amplifier’s input from large voltage gradients across the PC board. Physically, a guard
is a low impedance conductor that surrounds an input line and is raised to the line’s
voltage. It serves to buffer leakage by diverting it away from the sensitive nodes.

The technique for guarding depends on the mode of operation, i.e., inverting or
non-inverting. Figure 4.4.12 shows a PC board layout for guarding the inputs of the
AD795 op amp in the DIP (“N”) package. Note that the pin spacing allows a trace to
pass between the pins of this package. In the inverting mode, the guard traces sur-
round the inverting input (pin 2) and run parallel to the input trace. In the follower
mode, the guard voltage is the feedback voltage to pin 2, the inverting input. In both
modes, the guard traces should be located on both sides of the PC board if at all pos-

sible and connected together.

L/
1]

GUARD 3
INPUT ——2] i AD795
GUARD ———3}  *N" (8]

PACKAGE
[6]
\/

[  apres
GUARD :@ ::} N

N
INPUT (E ii PACKAGE El
GUARD =fzzzzzizzzizzi—
[4] [5]

INVERTER

Figure 4.4.12: PCB layout for guarding DIP package.
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Things are slightly more complicated when using guarding techniques with the SOIC
surface mount (“R”) package because the pin spacing does not allow for PC board
traces between the pins. Figure 4.4.13 shows the preferred method. In the SOIC “R”
package, pins 1, 5, and 8 are “no connect” pins and can be used to route signal traces
as shown. In the case of the follower, the guard trace must be routed around the —Vy
pin.

v INVERTER
GUARD ——[1[_ ]
INPUT——T2] | | Ap7es
T2V Ju— ) S RN [
PACKAGE
vl [5]
s

PINS 1,5, 8 ARE
OPEN ON "R"

PACKAGE S
] AD795
GUARD —_[2[_ | e
INPUT EPACKAGE &
J—Y .
13— B

GUARD b e
=vg | !

Figure 4.4.13: PCB layout for guarding SOIC package.

For extremely low bias current applications (such as using the AD549 with an input
bias current of 100 fA), all connections to the input of the op amp should be made
to a virgin Teflon standoff insulator (“Virgin” Teflon is a solid piece of new Teflon
material which has been machined

to shape and has not been welded BENTINPUTPIN:

together from powder or grains). PIN 3 FOR FOLLOWER

If mechanical and manufacturing ~ ™PYTSISNA \

considerations allow, the invert- \ AD795

ing input pin of the op amp should ==3
be soldered directly to the Teflon BOARD

standoff (see Figure 4.4.14) rather I —

than going through a hole in the \

PC board. The PC board itself

must be Cleaned Carefully and then “VIRGIN” TEFLON INSULATED STANDOFF
sealed against humidity and dirt Figure 4.4.14: Input pin connected to
using a high quality conformal “virgin” Teflon insulated standoff.

coating material.
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In addition to minimizing leakage currents, the entire circuit should be well shielded
with a grounded metal shield to prevent stray signal pickup.

Preamplifier Offset Voltage and Drift Analysis

An offset voltage and bias current model for the photodiode preamp is shown in
Figure 4.4.15. There are two important considerations in this circuit. First, the diode
shunt resistance (R1) is a function of temperature—it halves every time the tempera-
ture increases by 10°C. At room temperature (+25°C) , R1 = 1000 M€, but at +70°C
it decreases to 43 MQ. This has a drastic impact on the circuit DC noise gain and
hence the output offset voltage. In the example, at +25°C the DC noise gain is 2, but
at +70°C it increases to 24.

R2

'A%
______________________ 1000MQ
OFFSET
RTO
—O

R2
R1

semmmammmrenmennd R3 DC NOISEGAIN= 1 +
lg DOUBLES EVERY 10°C TEMPERATURE RISE
R1 = 1000MQ @ 25°C (DIODE SHUNT RESISTANCE)

R1 HALVES EVERY 10°C TEMPERATURE RISE

R3 CANCELLATION RESISTOR NOT EFFECTIVE

Figure 4.4.15: AD795 preamplifier DC offset errors.

The second difficulty with the circuit is that the input bias current doubles every 10°C
rise in temperature. The bias current produces an output offset error equal to I;R2.

At +70°C the bias current increases to 24 pA compared to its room temperature value
of 1 pA. Normally, the addition of a resistor (R3) between the non-inverting input

of the op amp and ground having a value of R1||R2 would yield a first-order cancel-
lation of this effect. However, because R1 changes with temperature, this method is
not effective. In addition, the bias current develops a voltage across the R3 cancel-
lation resistor, which in turn is applied to the photodiode, thereby causing the diode
response to become nonlinear.
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The total referred to output (RTO) . 25°C sc | 70
offset voltage errors are summarized Vos 0325mV | 0.250mV | 0325mV | 0.385mV
in Figure 4.4.16. Notice that at +70°C Noise Gain | 1.1 2 7 24
the total error is 33.24 mV. This er- VogError | 0.358mV | 0500mV | 228mV | 9.24mv

RTO

ror is acceptable for the design under

Rk . K K 1 0.2pA 1.0pA 6.0pA 24pA
consideration. The primary contributor °
. . Ig Error 0.2mV 1mV 6.0mV 24mV
to the error at high temperature is of RTO
course the bias current. Operating the Total Error | 0.558mV 1.50mV 8.28mV | 33.24mV
RTO

amplifier at reduced supply voltages,
minimizing output drive requirements,
and heat sinking are some ways to
reduce this error source. The addition of an external offset nulling circuit would mini-
mize the error due to the initial input offset voltage.

Figure 4.4.16: AD795K preamplifier total
output offset error.

Thermoelectric Voltages as Sources of Input Offset Voltage

Thermoelectric potentials are generated by electrical connections which are made
between different metals at different temperatures. For example, the copper PC board
electrical contacts to the kovar input pins of a TO-99 IC package can create an off-
set voltage of 40 LV/°C when the two metals are at different temperatures. Common
lead-tin solder, when used with copper, creates a thermoelectric voltage of 1 to 3
nV/°C. Special cadmium-tin solders are available that reduce this to 0.3 pV/°C.

The solution to this problem is to ensure that the connections to the inverting and non-in-
verting input pins of the IC are made with the same material and that the PC board thermal
layout is such that these two pins remain at the same temperature. In the case where a Tef-
lon standoff is used as an insulated connection point for the inverting input (as in the case
of the photodiode preamp), prudence dictates that connections to the non-inverting inputs
be made in a similar manner to minimize possible thermoelectric effects.

Preamplifier AC Design, Bandwidth, and Stability

The key to the preamplifier AC design is an understanding of the circuit noise gain as
a function of frequency. Plotting gain versus frequency on a log-log scale makes the
analysis relatively simple (see Figure 4.4.17). This type of plot is also referred to as a
Bode plot. The noise gain is the gain seen by a small voltage source in series with the
op amp input terminals. It is also the same as the non-inverting signal gain (the gain
from “A” to the output). In the photodiode preamplifier, the signal current from the
photodiode passes through the C2/R2 network. It is important to distinguish between
the signal gain and the noise gain, because it is the noise gain characteristic which
determines stability regardless of where the actual signal is applied.
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Open Loop
Gain NG=1+B2(R1GIs+1)
RI{R2C2Zs+1)

= [1+ LZ:”:T 1:1—1:]
R1 Tas+ 1

1,= R1R2 [ ]
1% R1aRz |C1+C2

T2=R2C2

100k —
GAIN

10k |-

100 feL=Closed Loop BW

7

0.1 1 10 100 1k 10k 100k 1M 10M
FREQUENCY (Hz)

Figure 4.4.17: Generalized noise gain (NG) Bode plot.

Stability of the system is determined by the net slope of the noise gain and the open
loop gain where they intersect. For unconditional stability, the noise gain curve must
intersect the open loop response with a net slope of less than 12 dB/octave (20 dB per
decade). The dotted line shows a noise gain which intersects the open loop gain at a
net slope of 12dB/octave, indicating an unstable condition. This is what would occur
in our photodiode circuit if there were no feedback capacitor (i.e., C2 = 0).

The general equations for determining the break points and gain values in the Bode
plot are also given in Figure 4.4.17. A zero in the noise gain transfer function occurs
at a frequency of 1/2mt,, where T, = R1||[R2(C1 + C2). The pole of the transfer func-
tion occurs at a corner frequency of 1/2nt,, where T, = R2C2 which is also equal to
the signal bandwidth if the signal is applied at point “B”. At low frequencies, the
noise gain is 1 + R2/R1. At high frequencies, it is 1 + C1/C2. Plotting the curve on the
log- log graph is a simple matter of connecting the breakpoints with a line having a
slope of 45°. The point at which the noise gain intersects the op amp open loop gain is
called the closed loop bandwidth. Notice that the signal bandwidth for a signal ap-
plied at point “B” is much less, and is 1/2tR2C2.

Figure 4.4.18 shows the noise gain plot for the photodiode preamplifier using the
actual circuit values. The choice of C2 determines the actual signal bandwidth and
also the phase margin. In the example, a signal bandwidth of 16 Hz was chosen.
Notice that a smaller value of C2 would result in a higher signal bandwidth and a cor-
responding reduction in phase margin. It is also interesting to note that although the
signal bandwidth is only 16 Hz, the closed loop bandwidth is 167 kHz. This will have
important implications with respect to the output noise voltage analysis to follow.
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c1 c2
100k —
L i
GAIN "\ R1 = 1000MQ @ +25°C
%7_ R1 R2 = 1000MQ
10k [ C1=50pF
[ °  C2=10pF
A AD79s  fu =1MHz
Open Loop
Gain ~ AV T
* gnal B8 = arrz ez
100 —
167kHz =1,
16Hz = Signal BW Closed Loop BW
10 — §.3Hz \ NG=6 f, =IMHz
NG=2 \ \ /
1 | l l l l l |
0.4 1 10 100 1k 10k 100k 1M 10M
FREQUENCY (Hz)

Figure 4.4.18: Noise gain of AD795 preamplifier at 25°C.

It is important to note that temperature changes do not significantly affect the stabil-
ity of the circuit. Changes in R1 (the photodiode shunt resistance) only affect the low
frequency noise gain and the frequency at which the zero in the noise gain response
occurs. The high frequency noise gain is determined by the C1/C2 ratio.

Photodiode Preamplifier Noise Analysis

To begin the analysis, we consider the AD795 input voltage and current noise spectral
densities shown in Figure 4.4.19. The AD795 performance is truly impressive for a

JFET input Oop amp: 2.5 }J.V VOTAGE NOISE DENSITY CURRENT NOISE DENSITY
. 1k 100

p-p 0.1 Hz to 10 Hz noise, w .

and a 1/f corner frequency Vi vz

of 12 Hz, comparing favor-

ably with all but the best 0.6 A1 Hz

bipolar op amps. As shown 1 o / """
in the figure, the current 1/ Comer = 12tz

nOlse is mUCh lower than 0 1 150 1:)0 1k 10k 100k 1M o4 1 10 100 1k 10k 100k 1M
bipolar op amps, making FREQUENCY (Hz) FREQUENCY (Hz)

it an ideal choice for high Figure 4.4.19: Voltage and current noise of AD795.

impedance applications.

The complete noise model for an op amp is shown in Figure 4.4.20. This model
includes the reactive elements C1 and C2. Each individual output noise contributor is
calculated by integrating the square of its spectral density over the appropriate fre-
quency bandwidth and then taking the square root:

RMS Output Noise Due to V, = | [V, (f)’ df Eq. 4.4.1
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In most cases, this integration can |
be done by inspection of the graph 0

of the individual spectral densities & | ' s
superimposed on a graph of the

noise gain. The total output noise
is then obtained by combining the

1kQ @ +25°C has 4nVi{Hz Noise

TOTAL NOISE RTO =
\,‘ f V4 (P2dF + _f Vo (f2df + ...

Von

. L . NOISE SOURCE RTO INTEGRATION BW
individual components in a root- o Ve Noiss Gaim 7 57-Closed Loop BW
sum-squares manner. The table Ine Iy.*R3 Noise Gain 1.57-Closed Loop BW
. . . In Iy_*R2 1.57 -Signal BW
below the diagram in Figure 4.4.20 R V RER1) 157 ~Signal BW
O L R2 Vy gz 1.57 +Signal BW
shows how each individual source e e S or-Closed Loop BW

is reflected to the output and the

corresponding bandwidth for inte-
gration. The factor of 1.57 (1/2) is required to convert the single pole bandwidth into
its equivalent noise bandwidth. The resistor Johnson noise spectral density is given by:

V, = JAkTR Eq. 4.4.2

where k is Boltzmann’s constant (1.38 x 107> J/K) and T is the absolute temperature
in K. A simple way to compute this is to remember that the noise spectral density of a
1 kQ resistor is 4 nV/VHz at +25°C. The Johnson noise of another resistor value can
be found by multiplying by the square root of the ratio of the resistor value to 1000 €.
Johnson noise is broadband, and its spectral density is constant with frequency.

Figure 4.4.20: Amplifier noise model.

Input Voltage Noise

In order to obtain the output voltage noise spectral density plot due to the input volt-
age noise, the input voltage noise spectral density plot is multiplied by the noise gain
plot. This is easily accomplished using the Bode plot on a log-log scale. The total
RMS output voltage noise due to the input voltage noise is then obtained by integrat-
ing the square of the output voltage noise spectral density plot and then taking the
square root. In most cases, this integration may be approximated. A lower frequency
limit of 0.01 Hz in the 1/f region is normally used. If the bandwidth of integration
for the input voltage noise is greater than a few hundred Hz, the input voltage noise
spectral density may be assumed to be constant. Usually, the value of the input volt-
age noise spectral density at 1 kHz will provide sufficient accuracy.

It is important to note that the input voltage noise contribution must be integrated over the
entire closed loop bandwidth of the circuit (the closed loop bandwidth, f,, is the frequency
at which the noise gain intersects the op amp open loop response). This is also true of the
other noise contributors which are reflected to the output by the noise gain (namely, the
non-inverting input current noise and the non-inverting input resistor noise).
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The inverting input noise current flows through the feedback network to produce a
noise voltage contribution at the output The input noise current is approximately
constant with frequency, therefore, the integration is accomplished by multiplying
the noise current spectral density (measured at 1 kHz) by the noise bandwidth which
1s 1.57 times the signal bandwidth (1/2rR2C2). The factor of 1.57 (7/2) arises when
single-pole 3 dB bandwidth is converted to equivalent noise bandwidth.

High Impedance Sensors

Johnson Noise Due to Feedforward Resistor R1

The noise current produced by the feedforward resistor R1 also flows through the
feedback network to produce a contribution at the output. The noise bandwidth for
integration is also 1.57 times the signal bandwidth.

Non-Inverting Input Current Noise

The non-inverting input current noise, Iy,, develops a voltage noise across R3 which
is reflected to the output by the noise gain of the circuit. The bandwidth for inte-
gration is therefore the closed loop bandwidth of the circuit. However, there is no
contribution at the output if R3 = 0 or if R3 is bypassed with a large capacitor which
is usually desirable when operating the op amp in the inverting mode.

Johnson Noise Due to Resistor in Non-Inverting Input

The Johnson voltage noise due to R3 is also reflected to the output by the noise gain
of the circuit. If R3 is bypassed sufficiently, it makes no significant contribution to the
output noise.

Summary of Photodiode Circuit Noise Performance

Figure 4.4.21 shows the output o T — TOTAL AREAS:
noise spectral densities for each RI i 20,VRMS
. R2 : 20pV RMS
of the contributors at +25°C. P
) ) . VN ) © 2465V RMS
Note that there is .no contribution L Tomes S
due to I, or R3 since the non- AN
inverting input of the op amp is \ S
ro nded = Closed Loop BW
SO rmme N\
C1 = 50pF
C2 = 10pF
AD795 fy =1MHz
01 I I I I l I I |

0.1 1 10 100 1k 10k 100k ™ 10M
FREQUENCY (Hz)

Figure 4.4.21: Ouput voltage noise components
spectral densities (n VAHz) at +25°C.
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Noise Reduction Using Output Filtering

From the above analysis, the largest contributor to the output noise voltage at +25°C
is the input voltage noise of the op amp reflected to the output by the noise gain. This
contributor is large primarily

because the noise gain over | |109F

which the integration is per- ' GAIN:
formed extends to a bandwidth Wv imV /A
of 167 kHz (the intersection of U ST EMS 28500 RS
the noise gain curve with the N 20Hz
open-loop response of the op N\ l"’ ApTIsK SRlteR |
amp). If the op amp output is * 5V

filtered by a single pole filter (as

shown in Figure 4.4.22) with a Mo % 1K NOLL RANGE:
20 Hz cutoff frequency (R = 80 01K 1000 -15v 1oy
MQ, C = 0.1 uF), this contribu- i

tion is reduced to less than 1 uV
rms. Notice that the same results
would not be achieved simply
by increasing the feedback capacitor, C2. Increasing C2 lowers the high frequency
noise gain, but the integration bandwidth becomes proportionally higher. Larger
values of C2 may also decrease the signal bandwidth to unacceptable levels. The
addition of the simple filter reduces the output noise to 28.5 LV rms; approximately
75% of its former value. After inserting the filter, the resistor noise and current noise
are now the largest contributors to the output noise.

Figure 4.4.22: AD795 photodiode preamp
with offset null adjustment.

Summary of Circuit Performance

The diagram for the final optimized design of the photodiode circuit is shown in
Figure 4.4.22. Performance characteristics are summarized in Figure 4.4.23. The total
output voltage drift over O to +70°C is 33 mV. This corresponds to 33 pA of diode
current, or approximately 0.001 foot-candles. (The level of illumination on a clear
moonless night). The offset nulling cir-
cuit shown on the non-inverting input can
be used to null out the room temperature
offset. Note that this method is better than
using the offset null pins because using the
offset null pins will increase the offset volt-
age TC by about 3 pV/°C for each millivolt
nulled. In addition, the AD795 SOIC pack-
age does not have offset nulling pins. Figure 4.4.23: AD795 photodiode circuit
performance summary.

Qutput Offset Error (0°C to +70°C) : 33mV

Output Sensitivity: 1mV / pA

Output Photosensitivity: 30V / foot-candlle

Total Output Noise @ +25°C : 28.5uV RMS

Total Noise RTI @ +25°C : 44fA RMS, or 26.4pA p-p
Range with R2 = 1000MQ : 0.001 to 0.33 foot-candles
Bandwidth: 16Hz
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The input sensitivity based on a total output voltage noise of 44 1V is obtained by di-
viding the output voltage noise by the value of the feedback resistor R2. This yields a
minimum detectable diode current of 44 fA. If a 12-bit ADC is used to digitize the 10V full
scale output, the weight of the least significant bit (LSB) is 2.5 mV. The output noise
level is much less than this.

Photodiode Circuit Tradeoffs

There are many tradeoffs which could be made in the basic photodiode circuit design
we have described. More signal bandwidth can be achieved in exchange for a larger
output noise level. Reducing the feedback capacitor C2 to 1 pF increases the signal
bandwidth to approximately 160 Hz. Further reductions in C2 are not practical be-
cause the parasitic capacitance is probably in the order of 1 to 2 pF. A small amount
of feedback capacitance is also required to maintain stability.

If the circuit is to be operated at higher levels of illumination (greater than approxi-
mately 0.3 fc), the value of the feedback resistor can be reduced thereby resulting in
further increases in circuit bandwidth and less resistor noise. If gain-ranging is to be
used to measure the higher light levels, extreme care must be taken in the design and
layout of the additional switching networks to minimize leakage paths.

Compensation of a High Speed Photodiode I/V Converter

A classical 1/V converter is shown in Figure 4.4.24. Note that it is the same as the
photodiode preamplifier if we assume that R1 >> R2. The total input capacitance, C1,
is the sum of the diode capacitance and the op amp input capacitance. This is a clas-
sical second-order system, and the following guidelines can be applied in order to
determine the proper compensation.

| |
1, = SIGNAL BW I

f, = OP AMP UNITY
GAIN BW PRODUCT

1 N o |

Total Input
Capacitance
L

L .= 1
1% 2Rz C1

1
N 2= Zrrzcz
OPEN LOOP
/ GAN f=\[tet,

7 UNCOMPENSATED

L c1

4 c2=\ 5ot
u

X~ — -~ COMPENSATED
FOR 45° PHASE MARGIN

f e N\
i i \ ¥
4 fommmmmnnene | e f fz = 35 Ruz e

Figure 4.4.24: Compensating for input capacitance in a current-to-voltage converter.
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The net input capacitance, C1, forms a zero at a frequency f, in the noise gain transfer
function as shown in the Bode plot.
f= 1
2nR2C1

Note that we are neglecting the effects of the compensation capacitor C2 and are
assuming that it is small relative to C1 and will not significantly affect the zero fre-
quency f, when it is added to the circuit. In most cases, this approximation yields
results which are close enough, considering the other variables in the circuit.

Eq.4.4.3

If left uncompensated, the phase shift at the frequency of intersection, f,, will cause
instability and oscillation. Introducing a pole at f, by adding the feedback capacitor
C2 stabilizes the circuit and yields a phase margin of about 45 degrees.
1
b= Skaca
Since f, is the geometric mean of f, and the unity-gain bandwidth frequency of the op
amp, f,

u’

L=\, Eq.4.4.5

These equations can be combined and solved for C2:

c,=|—< Eq. 4.4.6
2nR2- f,

This value of C2 will yield a phase margin of about 45 degrees. Increasing the capaci-
tor by a factor of 2 increases the phase margin to about 65 degrees.

Eq. 4.4.4

In practice, the optimum value of C2 should be determined experimentally by varying
it slightly to optimize the output pulse response.

Selection of the Op Amp for Wideband Photodiode I/V Converters

The op amp in the high speed photodiode I/V converter should be a wideband FET-in-
put one in order to minimize the effects of input bias current and allow low values of
photocurrents to be detected. In addition, if the equation for the 3 dB bandwidth, f,, is
rearranged in terms of f,, R2, and C1, then

_ L Eq. 4.4.7
£ 2nR2C1 .

where C1 is the sum of the diode capacitance, C,,, and the op amp input capacitance,
Cix- In a high speed application, the diode capacitance will be much smaller than that
of the low frequency preamplifier design previously discussed—perhaps as low as a
few pF.
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By inspection of this equation, it is Unity GBW |  Input f/Cp | MPUtBiss | voltage Noise

. . Product | Capacitance | (MHz/pF) | Current @ 10kHz

clear that in order to maximize f,, fu(MHz) | Cp (oF) Ip (pA) (nVIHz)
the FET-input op amp should have AP8z 16 18 88 3 16
. . . . AD843 34 6 5.7 600 19
both a high unity gain-bandwidth = 5 24 o e
product, f,, and a low input capaci- apsss 16 s 2 500 18
tance, Cy. In fact, the ratio of f, to ~ _°F*? 10 6 16 1% 12
. . ADT745* 20 20 1 250 29
C\ 1s a good figure-of-merit when 57, , . , y s
evaluating different op amps for AD820 19 28 07 2 13
thlS applicatiOIl AD743 4.5 20 6.2 250 29

. *Stable for Noise Gains > 5, Usually the Case,
Figure 4.4.25 compares a number Since High Frequency Noise Gain = 1+ C1/C2,

of FET-input op amps suitable for and O Beually=4c2
photodiode preamps. By inspec-
tion, the AD823 op amp has the
highest ratio of unity gain-bandwidth product to input capacitance, in addition to
relatively low input bias current. For these reasons, it was chosen for the wideband
photodiode preamp design.

Figure 4.4.25: FET-input op amp comparison table
for wide bandwidth photodiode preamps.

High Speed Photodiode Preamp Design

The HP 5082-4204 PIN Photodiode will be used as an example for our discussion. Its
characteristics are given in Figure 4.4.26. It is typical of many commercially available

PIN photodiodes. As in most high-speed B Sensitivity: 350pA @ 1mW, 900nm
photodiode applications, the diode is

operated in the reverse-biased or phOtO- B Maximum Linear Cutput Current: 100pA
conductive mode. This greatly lowers the B Area: 0.002em? (0.2mm?)

diode junction capacitance, but causes a

small amount of dark current to flow even
when the diode is not illuminated (we B Shunt Resistance: 16710
will show a circuit which compensates for
the dark current error later in the section).

B Capacitance: 4pF @ 10V Reverse Bias

H Risetime: 10ns

This photodiode is linear with illumina- W Dark Current: 600pA @ 10V Reverse Bias
tion up to approximately 50 to 100 pA Figure 4.4.26: HP 5082-4204 photodiode.
of output current. The dynamic range is

limited by the total circuit noise and the diode dark current (assuming no dark current
compensation).

Using the circuit shown in Figure 4.4.27, assume that we wish to have a full scale out-
put of 10V for a diode current of 100 pA. This determines the value of the feedback
resistor R2 to be 10 V/100 pA = 100 kQ.
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Using the diode capacitance, C, = 4 pF, and the AD823 input capacitance, C;y = 1.8
pE, the value of C1 = Cj + Cy = 5.8 pF. Solving the above equations using C1 = 5.8
pF, R2 =100 k€2, and f, = 16 MHz, we find that:

f, = 274 kHz
c2 = 0.76 pF
f, = 2.1 MHz.

In the final design (Figure 4.4.27), note that the 100 k€2 resistor is replaced with three
33.2 kQ film resistors to minimize stray capacitance. The feedback capacitor, C2, is
a variable 1.5 pF ceramic and is

adjusted in the final circuit for best €2 || 7 =~ OBeF
. Cp = 4pF, Cy = 1.8pF Al
bandwidth/pulse response. The C1=Cp+Cpy=58pF | 33.2k0 332k0 33.2k0
. . . . — "N N—AN—¢  R2=100k0
overall circuit bandwidth is ap- N
proximately 2 MHz. DII
The full-scale output voltage of the -1ov D1

preamp for 100 pA diode current
is 10V, and the error (RTO) due to
the photodiode dark current of 600 OAF
pAis 60 mV. The dark current er- | FOR LA ASE
ror can be canceled using a second

photodiode of the same type in the Figure 4.4.27: 2 MHz bandwidth photodiode
non- inverting input of the op amp preamp with dark current compensation.
as shown in Figure 4.4.27.

D2

D1, D2: HP-5082-4204

-15V

High Speed Photodiode Preamp Noise Analysis

As in most noise analyses, only the key contributors need be identified. Because the
noise sources combine in an RSS manner, any single noise source that is at least three
or four times as large as any of the others will dominate.

In the case of the wideband photodiode preamp, the dominant sources of output noise
are the input voltage noise of the op amp, Vy, and the resistor noise due to R2, Vi,
(see Figure 4.4.28). The input current noise of the FET-input op amp is negligible.
The shot noise of the photodiode (caused by the reverse bias) is negligible because of
the filtering effect of the shunt capacitance C1. The resistor noise is easily calculated
by knowing that a 1 k2 resistor generates about 4 nV/Hz, therefore, a 100 kQ resis-
tor generates 40 nV/\Hz. The bandwidth for integration is the signal bandwidth, 2.1 MHz,
yielding a total output rms noise of:
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Vy xa RTO Noise = 40v1.57-2.1-10° = 73uVrms Eq. 4.4.8

The factor of 1.57 converts the approximate single-pole bandwidth of 2.1 MHz into
the equivalent noise bandwidth.

The output noise due to the input voltage noise is obtained by multiplying the noise
gain by the voltage noise and integrating the entire function over frequency. This
would be tedious if done rigorously, but a few reasonable approximations can be
made which greatly simplify the math. Obviously, the low frequency 1/f noise can be
neglected in the case of the wideband circuit. The primary source of output noise is
due to the high-frequency noise-gain peaking which occurs between f, and f,. If we
simply assume that the output noise is constant over the entire range of frequencies
and use the maximum value for AC noise gain [1 + (C1/C2)], then

V\, RTO Noise =V, (1 + %),/1.57 f, =250uVrms Eq.4.4.9

The total rms noise referred to the output is then the RSS value of the two compo-
nents:

Total RTO Noise = /(73)" +(250)" = 260uVrms Eq. 4.4.10

The total output dynamic range can be calculated by dividing the full scale output
signal (10 V) by the total output rms noise, 260 uV rms, and converting to dB, yield-
ing approximately 92 dB.

|
| ] C1="58pF
R2 €2 = 0.76pF

Vi = 16nViHz r\/\,_®_4. R2 = 100k

Nyt 1+ E1

c2

Vgag = —10V

NOISE GAIN

.
£, f fu
274kHz 2.1MHz 16MHz

B VL RTONOISE =V [1 + %]\{1,5; f, = 2504V RMS
B Vyz,RTONOISE = VakTR2+ 1.57¢, = 73,V RMS
B TOTALRTONOISE =\/2502 + 732 = 260V RMS
H DYNAMIC RANGE =20 | [ 10V } =

og 2604V = 92dB

Figure 4.4.28: Equivalent circuit for output noise analysis
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High Impedance Charge Output Sensors

High impedance transducers such as piezoelectric sensors, hydrophones, and some
accelerometers require an amplifier which converts a transfer of charge into a change
of voltage. Because of the high DC output impedance of these devices, appropriate
buffers are required. The basic circuit for an inverting charge sensitive amplifier is
shown in Figure 4.4.29. There

are basically two types of | c2
charge transducers: capacitive AQ=AC V. AA R2
and charge-emitting. In a ca-

.. AN h
pacitive transducer, the voltage ;:'
_ AC

V

across the capacitor (V) is held 1 o
constant. The change in capaci- I .
tance, AC, produces a change Ve
in charge, AQ = ACV,. This é
charge is transferred to the op B FOR CAPACITIVE SENSORS: AVgyr = igzic
amp output as a voltage, AVyr Il FOR CHARGE-EMITTING SENSORS: AVg, = -4a
=-AQ/C2 =-ACV/C2. e

L. . UPPER CUTOFF FREQUENCY = fy= ZnRZC2
Charge-emitting transducers 4
produce an output charge, AQ, B LOWER CUTOFFFREQUENCY = f= 3—p-co
and their output capacitance Figure 4.4.29: Charge amplifier for capacitive sensor.

remains constant. This charge

would normally produce an open-circuit output voltage at the transducer output equal
to AQ/C. However, since the voltage across the transducer is held constant by the
virtual ground of the op amp (R1 is usually small), the charge is transferred to capaci-
tor C, producing an output voltage AV, = —AQ/C2.

In an actual application, the charge amplifier only responds to AC inputs. The upper
cutoff frequency is given by f, = 1/2rR2C2, and the lower by f, = 1/2nR1CI.

Low Noise Charge Amplifier Circuit Configurations

Figure 4.4.30 shows two ways to buffer and amplify the output of a charge output trans-
ducer. Both require using an amplifier which has a very high input impedance, such as
the AD745. The AD745 provides both low voltage and low current noise. This combina-
tion makes this device particularly suitable in applications requiring very high charge
sensitivity, such as capacitive accelerometers and hydrophones.

The first circuit (left) in Figure 4.4.30 uses the op amp in the inverting mode. Ampli-
fication depends on the principle of conservation of charge at the inverting input of
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the amplifier. The charge on
. . CHARGE OUTPUT MODE VOLTAGE OUTPUT MODE
capacitor Cg is transferred to — g

capacitor Cp, thus yielding source Re
an output voltage of AQ/Cx. J_cs%:s §

. . AD745
The amplifier’s input voltage .

noise will appear at the output ¢l T~ CezCrlCs
amplified by the AC noise l ®  Re=RellRs l Re
30

gain of the circuit, 1 + C¢/Cp P Fe>> Rl %2
RTI R
The second circuit (right) "‘::ISE BALANCED
shown in Figure 4.4.30 is Vi 0\ i
simply a high impedance 0 pros <500
follower with gain. Here the INPUT GAPAGITANCE (pF)
noise gain (1 + R2/R1) is Figure 4.4.30: Balancing source impedances minimizes
the same as the gain from effects of bias currents and reduces input noise.

the transducer to the output.
Resistor Ry, in both circuits, is required as a DC bias current return.

To maximize DC performance over temperature, the source resistances should be
balanced on each input of the amplifier. This is represented by the resistor R; shown
in Figure 4.4.30. For best noise performance, the source capacitance should also be
balanced with the capacitor Cy. In general, it is good practice to balance the source
impedances (both resistive and reactive) as seen by the inputs of a precision low noise
BiFET amplifiers such as the AD743/AD745. Balancing the resistive high impedance
sensors components will optimize DC performance over temperature because balanc-
ing will mitigate the effects of any bias current errors. Balancing the input capacitance
will minimize AC response errors due to the amplifier’s nonlinear common mode
input capacitance, and as shown in Figure 4.4.30, noise performance will be opti-
mized. In any FET input amplifier, the current noise of the internal bias circuitry can
be coupled to the inputs via the gate-to-source capacitances (20 pF for the AD743 and
AD745) and appears as excess input voltage noise. This noise component is correlated
at the inputs, so source impedance matching will tend to cancel out its effect. Figure
4.4.30 shows the required external components for both inverting and noninverting
configurations. For values of C, greater than 300 pF, there is a diminishing impact on
noise, and Cy can then be simply a large mylar bypass capacitor of 0.01 UF or greater.
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A 40dB Gain Piezoelectric Transducer Amplifier Operates on
Reduced Supply Voltages for Lower Bias Current

Figure 4.4.31 shows a piezoelectric transducer amplifier connected in the voltage-
output mode. Reducing the power supplies to +5 V reduces the effects of bias current
in two ways: first, by lowering the total power

R2, 10k}
dissipation and, second, by reducing the basic My
gate-to-junction leakage current. The addition }C—el -
of a clip-on heat sink such as the Aavid #5801 ~1 ' R;V:(’,sgl -
will further limit the internal junction tempera- 100 S ’ AD745
ture rise. SOURCE | |+

. . ) c1r —— -5V, Ig=8mA
Without the AC coupling capacitor C1, the = ST
. . Cg=C.
amplifier will operate over a range of 0°C to < i e o
+85°C. If the optional AC coupling capaci-
. . . . . +5V Power Supplies Reduce
tor C1 is used, the circuit will operate over the I for 0°C to +85°C Operation, Pp = 80mW
entire —55°C to +125°C temperature range, but B C1 Allows ~55°C to +125°C Opration
DC information is lost. Figure 4.4.31: Gain of 100

Hydrophones piezoelectric sensor amplifier.

Interfacing the outputs of highly capacitive

transducers such as hydrophones, some accelerometers, and condenser microphones
to the outside world presents many design challenges. Previously designers had to use
costly hybrid amplifiers consisting of discrete low-noise JFETsS in front of conven-
tional op amps to achieve the low levels of voltage and current noise required by these
applications. Now, using the AD743 and AD745, designers can achieve almost the
same level of performance of the hybrid approach in a monolithic solution.

In sonar applications, a piezo-ceramic cylinder is commonly used as the active element
in the hydrophone. A typical cylinder has a nominal capacitance of around 6,000 pF
with a series resistance of 10 Q. The output impedance is typically 10® Q or 100 MQ.

Since the hydrophone signals of interest are inherently AC with wide dynamic range,
noise is the overriding concern among sonar system designers. The noise floor of

the hydrophone and the hydrophone preamplifier together limit the sensitivity of the
system and therefore the overall usefulness of the hydrophone. Typical hydrophone
bandwidths are in the 1 kHz to 10 kHz range. The AD743 and AD745 op amps, with
their low noise figures of 2.9 nV/Hz and high input impedance of 10" Q (or 10 GQ)
are ideal for use as hydrophone amplifiers.
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The AD743 and AD745 are companion amplifiers with different levels of internal
compensation. The AD743 is internally compensated for unity gain stability. The
AD7435, stable for noise gains of five or greater, has a much higher bandwidth and
slew rate. This makes the AD745 especially useful as a high-gain preamplifier where
it provides both high gain and wide bandwidth. The AD743 and AD745 also operate
with extremely low levels of distortion: less than 0.0003% and 0.0002% (at 1 kHz),
respectively.

Op Amp Performance: JFET versus Bipolar

The AD743 and AD745 op amps are the first monolithic JFET devices to offer the
low input voltage noise comparable to a bipolar op amp without the high input bias
currents typically associated with bipolar op amps. Figure 4.4.32 shows input voltage
noise versus input source resistance of the bias-current compensated OP27 and the
JFET-input AD745 op amps. Note that the noise levels of the AD743 and the AD745
are identical. From this figure, it is clear that at high source impedances, the low cur-
rent noise of the AD745 also provides lower overall noise than a high performance
bipolar op amp. It is also important to note that, with the AD745, this noise reduction
extends all the way down to low source impedances. At high source impedances, the
lower DC current errors of the AD745 also reduce errors due to offset and drift as
shown in Figure 4.4.32.

INPUT VOLTAGE NOISE 100 INPUT OFF SET VOLTAGE
: 7 7

op27 i
Vi A/ L7
z Pie op27
100 [rormemmmonn b v\ ------ 10 o SUTETIR IS SUEERE R

Ay Rg NOISE ONLY 7

- e

H i 0.1
100 1k 10k 100k 1M 10M 100 1k 10k 100k 1M 10M

SOURCE RESISTANCE (Q ) SOURCE RESISTANCE ()

Figure 4.4.32: Effects of source resistance on noise and offset
voltage for OP27 (bipolar) and AD745 (BIFET) op amps.
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A PH Probe Buffer Amplifier

A typical pH probe requires a buffer amplifier to isolate its 10° to 10° Q source resis-
tance from external circuitry. Such an amplifier is shown in Figure 4.4.33. The low
input current of the AD795 allows the voltage error produced by the bias current and
electrode resistance to be
minimal. The use of guard-
ing, shielding, high insulation
resistance standoffs, and other
such standard picoamp meth-
ods used to minimize leakage somv/pn
are all needed to maintain the '~ oooem'C

OUTPUT
pH PROBE o
1V pH UNIT

19.6kQ

accuracy of this circuit. Sutput Impedance: . .

The slope of the pH probe +3500ppm 14
transfer function, 50mV per Frocieion Resistor Co, Inc.
pH unit at room temperature,

has an approximate +3500 Figure 4.4.33: A pH probe buffer amplifier with a
ppm/°C temperature coef- gain of 20 using the AD795 precision BIFET op amp.

ficient. The buffer shown in

Figure 4.4.33 provides a gain of 20 and yields an output voltage equal to 1 volt/pH
unit. Temperature compensation is provided by resistor RT which is a special tem-
perature compensation resistor, 1 kQ, 1%, +3500 ppm/°C, #PT146 available from

Precision Resistor Co., Inc. (Reference 18).

CCD/CIS Image Processing

The charge-coupled-device (CCD) and contact-image-sensor (CIS) are widely used
in consumer imaging systems such as scanners and digital cameras. A generic block
diagram of an imaging system is
shown in Figure 4.4.34. The imag-
ing sensor (CCD, CMOS, or CIS)
is exposed to the image or picture
much like film is exposed in a
camera. After exposure, the out-
put of the sensor undergoes some
analog signal processing and then
is digitized by an ADC. The bulk
of the actual image processing is
performed using fast digital signal  oiemzeo mace
processors. At this point, the im- Figure 4.4.34: Generic imaging system for
scanners or digital cameras.

SCENE LENS

LIGHT IMAGING ANALOG
SENSOR [  SIGNAL
(CCD, CIS, CMOS)| | CONDITIONING

DIGITAL
B SIGNAL [ ADC

PROCESSING
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age can be manipulated in the digital domain to perform such functions as contrast or
color enhancement/correction, etc.

The building blocks of a CCD are the individual light sensing elements called pixels
(see Figure 4.4.35). A single pixel consists of a photo sensitive element, such as a
photodiode or photocapacitor, which

outputs a charge (electrons) propor-

tional to the light (photons) that it is W
exposed to. The charge is accumulated

during the exposure or integration time,

LIGHT (PHOTONS)

~— PHOTO SENSITIVE
ELEMENT

e

and then the charge is transferred to e % e o
<— POTENTIAL WELL

the CCD shift register to be sent to the ACCUMULATED CHARGE (ELECTRONS)

output of the device. The amount of

. ONE PHOTOSITE OR “PIXEL
accumulated charge will depend on the

light level, the integration time, and the Figure 4.4.35: Light sensing element.
quantum efficiency of the photo sensi-

tive element. A small amount of charge PHOTOSITES (PIXELS)  LINEAR CCD CONFIGURATION
will accumulate even without light | s

present; this is called dark signal or STAGE

dark current and must be compensated 0 o] o o

for during the signal processing. g g g g AREA CCD CONFIGURATION
The pixels can be arranged in a linear ,,,XE/L; C g g g T e

or area configuration as shown in Fig- — gl|| gl|| /| O

ure 4.4.36. Clock signals transfer the hl| Thl| On, O

charge from the pixels into the analog Cil Chl OL) Ch pyT——

| HORIZONTAL SHIFT REGISTER —» STAGE [ ™

shift registers, and then more clocks
are applied to shift the individual pixel = Figure 4.4.36: Linear and area CCD arrays.
charges to the output stage of the CCD.

Scanners generally use the linear configuration, while digital cameras use the area
configuration. The analog shift register typically operates at frequencies between 1
and 10 MHz for linear sensors, and 5 to 25 MHz for area sensors.

A typical CCD output stage is shown in Figure 4.4.37 along with the associated volt-
age waveforms. The output stage of the CCD converts the charge of each pixel to a
voltage via the sense capacitor, C. At the start of each pixel period, the voltage on

C; is reset to the reference level, Vg causing a reset glitch to occur. The amount of
light sensed by each pixel is measured by the difference between the reference and the
video level, AV. CCD charges may be as low as 10 electrons, and a typical CCD out-
put has a sensitivity of 0.6 uV/electron. Most CCDs have a saturation output voltage

131



Chapter 4

of about 500 mV to 1V for area sensors and 2 V to 4 V for linear sensors. The DC
level of the waveform is between 3 to 7 V.

Since CCDs are generally fabricated on CMOS processes, they have limited capabil-
ity to perform on-chip signal conditioning. Therefore the CCD output is generally
processed by external conditioning circuits. The nature of the CCD output requires
that it be clamped before being digitized by the ADC. In addition, offset and gain
functions are generally part of the analog signal processing.

CCD output voltages are small and quite often buried in noise. The largest source

of noise is the thermal noise in the resistance of the FET reset switch. This noise

may have a typical value of 100 to 300 electrons rms (approximately 60 to 180 mV
rms). This noise, called “kT/C” noise, is illustrated in Figure 4.4.38. During the reset
interval, the storage capacitor Cq is connected to Vg via a CMOS switch. The on-re-
sistance of the switch (R,y) produces thermal noise given by the well known equation:

Thermal Noise = \|4kT - BW - R, Eq.4.4.11

The noise occurs over a finite bandwidth determined by the Ry Cg time constant.
This bandwidth is then converted into equivalent noise bandwidth by multiplying the
single-pole bandwidth by /2 (1.57):

Noise BW=E ! = 1 Eq. 4.4.12
2| 2nR,,C, | 4R,,C

Substituting into the formula for the thermal noise, note that the R, factor cancels,
and the final expression for the thermal noise becomes:

Thermal Noise ‘koT Eq.4.4.13

This is somewhat intuitive, because smaller values of R,y decrease the thermal noise
but increase the noise bandwidth, so only the capacitor value determines the noise.

Note that when the reset switch opens, the kT/C noise is stored on Cy and remains
constant until the next reset interval. It therefore occurs as a sample-to-sample varia-
tion in the CCD output level and is common to both the reset level and the video level
for a given pixel period.

A technique called correlated double sampling (CDS) is often used to reduce the ef-
fect of this noise. Figure 4.4.39 shows one circuit implementation of the CDS scheme,
though many other implementations exist. The CCD output drives both SHAs. At

the end of the reset interval, SHA1 holds the reset voltage level plus the kT/C noise.
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g
RESET o—‘
PIXEL CHARGE, Q
FROM HORIZONTAL BUFFER
SHIFT REGISTER CCD OUTPUT
VOLTAGE

AV~ 1VTO4VFS SENSE R_ AV o= @
DCLEVEL~ 3vTo7v CAPACITOR g Cs

REFERENCE
LEVEL

«t—— PIXEL PERIOD ——»i

Figure 4.4.37: Output stage and waveforms.

VREF
THERMAL NOISE =)/ 4kT-BW-Rgy

RESET
SWITCH NOISEBW = T 1 _ 1
2 | 2mRoNCs 4RopCs

Ron THERMAL NOISE = V o
Q s

SAME VALUE PRESENT DURING
Cg REFERENCE AND VIDEC LEVELS
WHILE RESET SWITCH IS OPEN

Figure 4.4.38: KT/C noise.

REFERENCE + NOISE

— SHA 1

cch A +
OUTPUT REFERENCE CLOCK OUTPUT

¢— VIDEO CLOCK

SHA 2

OUTPUT =AV =

VIDEO + NOISE
REFERENCE - VIDEO

Figure 4.4.39: Correlated double sampling (CDS).
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At the end of the video interval, SHA?2 holds the video level plus the kT/C noise.

The SHA outputs are applied to a difference amplifier which subtracts one from the
other. In this scheme, there is only a short interval during which both SHA outputs
are stable, and their difference represents AV, so the difference amplifier must settle
quickly. Note that the final output is simply the difference between the reference level
and the video level, AV, and that the kT/C noise is removed.

Contact image sensors (CIS) are linear sensors often used in facsimile machines and
low-end document scanners instead of CCDs. Although a CIS does not offer the same
potential image quality as a CCD, it does offer lower cost and a more simplified opti-
cal path. The output of a CIS is similar to the CCD output except that it is referenced
to or near ground (see Figure 4.4.40), eliminating the need for a clamping function.
Furthermore, the CIS output does not contain correlated reset noise within each pixel
period, eliminating the need for a CDS function. Typical CIS output voltages range
from a few hundred mV to about 1 V full scale. Note that although a clamp and CDS
is not required, the CIS waveform must be sampled by a sample-and-hold before
digitization.

START
PULSE

s [1_ 1111

CIS QUTPUT
ov

e [ 1T

Figure 4.4.40: Contact image sensor (CIS) waveforms.

Analog Devices offers several analog-front-end (AFE) integrated solutions for the
scanner, digital camera, and camcorder markets. They all comprise the signal process-
ing steps described above. Advances in process technology and circuit topologies
have made this level of integration possible in foundry CMOS without sacrificing
performance. By combining successful ADC architectures with high performance
CMOS analog circuitry, it is possible to design complete low cost CCD/CIS signal
processing ICs.

The AD9816 integrates an analog-front-end (AFE) that integrates a 12-bit, 6 MSPS
ADC with the analog circuitry needed for three-channel (RGB) image processing

and sampling (see Figure 4.4.41). The AD9816 can be programmed through a serial
interface, and includes offset and gain adjustments that gives users the flexibility to
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perform all the signal processing necessary for applications such as mid- to high-end
desktop scanners, digital still cameras, medical x-rays, security cameras, and any
instrumentation applications that must “read” images from CIS or CCD sensors.

The signal chain of the AD9816 consists of an input clamp, correlated double sampler
(CDS), offset adjust DAC, programmable gain amplifier (PGA), and the 12-bit ADC
core with serial interfacing to the external DSP. The CDS and clamp functions can be
disabled for CIS applications.

The AD9814, takes the level of performance a step higher. For the most demanding
applications, the AD9814 offers the same basic functionality as the AD9816 but with
14-bit performance. As with the AD9816, the signal path includes three input chan-
nels, each with input clamping, CDS, offset adjustment, and programmable gain.

The three channels are multiplexed into a high performance 14-bit 6 MSPS ADC.
High-end document and film scanners can benefit from the AD9814’s combination of
performance and integration.
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@ CONFIG. SOLK
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OFFSET [B] [B] GAIN
REGISTERS REGISTERS

S A
CDSCLK1 CDSCLK2 ADCCLK

Figure 4.4.41: AD9816 Analog front end CCD/CIS processor.

Complete 12-Bit 6MSPS CCDI/CIS Signal Processor
3-Channel or 1-Channel Operation

On-Chip Correlated Double Sampling (CDS)

8-Bit Programmable Gain and 8-Bit Offset Adjustment
Internal Voltage Reference

Good Linearity: DNL = #0.4LSB Typical, INL = £1.5 LSB Typical
Low Output Noise: 0.5 LSB RMS

Coarse Offset Removal for CIS Applications

3-Wire Serial Interface

Single +5V Supply, 420mW Power Dissipation
44-Lead MQFP Package

Figure 4.4.42:
AD9816 key specifications.
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CHAPTER 5

Acceleration, Shock and Vibration Sensors

Craig Aszkler, Vibration Products Division Manager, PCB Piezotronics, Inc.

5.1 Introduction

Accelerometers are sensing transducers that provide an output proportional to accel-
eration, vibration' and shock. These sensors have found a wide variety of applications
in both research and development arenas along with everyday use. In addition to

the very technical test and measurement applications, such as modal analysis, NVH
(noise vibration and harshness), and package testing, accelerometers are also used in
everyday devices such as airbag sensors and automotive security alarms. Whenever a
structure moves, it experiences acceleration. Measurement of this acceleration helps
us gain a better understanding of the dynamic characteristics that govern the behavior
of the object. Modeling the behavior of a structure provides a valuable technical tool
that can then be used to modify response, to enhance ruggedness, improve durability
or reduce the associated noise and vibration.

The most popular class of accelerometers is the piezoelectric accelerometer. This type
of sensor is capable of measuring a wide range of dynamic events. However, many
other classes of accelerometers exist that are used to measure constant or very low
frequency acceleration such as automobile braking, elevator ride quality and even the
gravitational pull of the earth. Such accelerometers rely on piezoresistive, capacitive
and servo technologies.

5.2 Technology Fundamentals
Piezoelectric Accelerometer

Piezoelectric accelerometers are self-generating devices characterized by an extended
region of flat frequency response range, a large linear amplitude range and excellent
durability. These inherent properties are due to the use of a piezoelectric material as
the sensing element for the sensor. Piezoelectric materials are characterized by their
ability to output a proportional electrical signal to the stress applied to the material.
The basic construction of a piezoelectric accelerometer is depicted in Figure 5.2.1.

! For information on machinery vibration monitoring, refer to Chapter 13.
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Piezoelectric Element
Preload Ring

Seismic Mass

Accelerometer Base

Figure 5.2.1: Basic piezoelectric accelerometer construction.

The active elements of the accelerometer are the piezoelectric elements. The elements
act as a spring, which has a stiffness &, and connect the base of the accelerometer to
the seismic masses. When an input is present at the base of the accelerometer, a force
(F) 1s created on piezoelectric material proportional to the applied acceleration (a)
and size of the seismic mass (m). (The sensor is governed by Newton’s law of motion
F =ma.) The force experienced by the piezoelectric crystal is proportional to the seis-
mic mass times the input acceleration. The more mass or acceleration, the higher the
applied force and the more electrical output from the crystal.

The frequency response of the sensor is determined by the resonant frequency of the
sensor, which can generally be modeled as a simple single degree of freedom sys-
tem. Using this system, the resonant frequency (®) of the sensor can be estimated by:

o=~k/m.
The typical frequency response of piezoelectric accelerometers is depicted in Figure 5.2.2.

Piezoelectric accelerometers can be broken down into two main categories that define
their mode of operation.
Internally amplified accel- Relative

. 30, Amplitude Resonance Peak
erometers or IEPE (internal
electronic piezoelectric) con-
tain built-in microelectronic
signal conditioning. Charge 10 Useful Frequency Range

dB
Vibration of
Seismic Mass

20

mode accelerometers con- "
tain only the self-generating  © ~ Vibration of Base
piezoelectric sensing element \
. . -10
and have a high impedance 00001 0.001 001 0.1 1 10
charge output signal. Relative Frequency

Figure 5.2.2 Typical frequency response
of piezoelectric accelerometer.
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IEPE Accelerometers

IEPE sensors incorporate built-in, signal-conditioning electronics that function to
convert the high-impedance charge signal generated by the piezoelectric sensing ele-
ment into a usable low-impedance voltage signal that can be readily transmitted, over
ordinary two-wire or coaxial cables, to any voltage readout or recording device. The
low-impedance signal can be transmitted over long cable distances and used in dirty
field or factory environments with little degradation. In addition to providing crucial
impedance conversion, IEPE sensor circuitry can also include other signal condition-
ing features, such as gain, filtering and self-test features. The simplicity of use, high
accuracy, broad frequency range, and low cost of IEPE accelerometer systems make
them the recommended type for use in most vibration or shock applications. However,
an exception to this assertion must be made for circumstances in which the tempera-
ture at the installation point exceeds the capability of the built-in circuitry. The routine
upper temperature limit of IEPE accelerometers is 250°F (121°C); however, specialty
units are available that operate to 350°F (175°C).

IEPE is a generic industry term for sensors with built-in electronics. Many accelerom-
eter manufacturers use their own registered trademarks or trade name to signify sensors
with built-in electronics. Examples of these names include: ICP® (PCB Piezotronics),
Deltatron (Bruel & Kjaer), Piezotron (Kistler Instruments), and Isotron (Endevco), to
name a few.

Typical Coaxial or Constant Current

. fi1a: Quartz Two Conductor Signal
The electronics within IEPE accelerometers ICP® Sensor Cable Conditioner

require excitation power from a constant- 17~ T T T T 7~ [
current, DC voltage source. This power : '
source 1s sometimes built into vibration !
meters, FFT analyzers and vibration data :
|
|
|
|

Signal

~lov
Current
Regulating
Diode
collectors. A separate signal conditioner is
required when none is built into the read-
out. In addition to providing the required ' UV
excitation, power supplies may also incor- Figure 5.2.3: Typical IEPE system.
porate additional signal conditioning, such
as gain, filtering, buffering and overload indication. The typical system set-ups for

IEPE accelerometers are shown in Figure 5.2.3.

vbe

—|_ Power

|
|
|
| |
| + 181030 |
|
]
|

Ground
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Charge Mode Accelerometers

Charge mode sensors output a high-impedance, electrical charge signal that is gener-
ated directly by the piezoelectric sensing element. It should be noted that this signal
is sensitive to corruption from environmental influences and cable-generated noise.
Therefore it requires the use of a special low noise cable. To conduct accurate mea-
surements, it is necessary to condition this signal to a low-impedance voltage before
it can be input to a readout or recording device. A charge amplifier or in-line charge
converter is generally used for this purpose. These devices utilize high-input-imped-
ance, low-output-impedance charge amplifiers with capacitive feedback. Adjusting
the value of the feedback capacitor alters the transfer function or gain of the charge
amplifier.

Typically, charge mode accelerometers are used when high temperature survivability
is required. If the measurement signal must be transmitted over long distances, it is
recommended to use an in-line charge converter, placed near the accelerometer. This
minimizes the chance of noise. In-line charge converters can be operated from the
same constant-current excitation power source as IEPE accelerometers for a reduced
system cost. In either case, the use of a special low noise cable is required between
the accelerometer and the charge converter to minimize vibration induced triboelec-
tric noise.

%HH oo

Charge Output | C |

_ Sensor _ _ W |
I [ Cable | | .

| A

[ q Fol [
[ ! [ |
[ : ! [
, B o =0 T Ve :
| l | | Figure 5.2.5:
[ ! [ | Laboratory charge
: , -
YT . = amplifier system.

Piezoelectric Crystal Charge Amplifier
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Sophisticated laboratory-style charge amplifiers usually include adjustments for
normalizing the input signal and altering the feedback capacitor to provide the desired
system sensitivity and full-scale amplitude range. Filtering also may be used to tailor
the high and low frequency response. Some charge amplifiers provide dual-mode op-
eration, which provides power for IEPE accelerometers and conditions charge mode
Sensors.

Because of the high-impedance nature of the output signal generated by charge mode
accelerometers, several important precautionary measures must be followed. As
noted above, always be attentive to motion induced (triboelectric) noise in the cable
and mitigate by using specially treated cable. Also, always maintain high insulation
resistance of the accelerometer, cabling, and connectors. To ensure high insulation
resistance, all components must be kept dry and clean. This will help minimize poten-
tial problems associated with noise and/or signal drift.

Piezoelectric Sensing Materials

Two categories of piezoelectric materials that are predominantly used in the design
of accelerometers are quartz and polycrystalline ceramics. Quartz is a natural crystal,
while ceramics are man-made. Each material offers certain benefits. The material
choice depends on the particular performance features desired of the accelerometer.

Quartz is widely known for its ability to perform accurate measurement tasks and
contributes heavily in everyday applications for time and frequency measurements.
Examples include everything from wristwatches and radios to computers and home
appliances. Accelerometers benefit from several unique properties of quartz. Since
quartz is naturally piezoelectric, it has no tendency to relax to an alternative state and
is considered the most stable of all piezoelectric materials. This important feature
provides quartz accelerometers with long-term stability and repeatability. Also, quartz
does not exhibit the pyroelectric effect (output due to temperature change), which pro-
vides stability in thermally active environments. Because quartz has a low capacitance
value, the voltage sensitivity is relatively high compared to most ceramic materials,
making it ideal for use in voltage-amplified systems. Conversely, the charge sensitiv-
ity of quartz is low, limiting its usefulness in charge-amplified systems, where low
noise is an inherent feature.

A variety of ceramic materials are used for accelerometers, depending on the re-
quirements of the particular application. All ceramic materials are man-made and

are forced to become piezoelectric by a polarization process. This process, known as
“poling,” exposes the material to a high-intensity electric field. This process aligns the
electric dipoles, causing the material to become piezoelectric. If ceramic is exposed to
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temperatures exceeding its range, or large electric fields, the piezoelectric properties
may be drastically altered. There are several classifications of ceramics. First, there
are high-voltage-sensitivity ceramics that are used for accelerometers with built-in,
voltage-amplified circuits. There are high-charge-sensitivity ceramics that are used for
charge mode sensors with temperature ranges to 400°F (205°C). This same type of
crystal is used in accelerometers that use built-in charge-amplified circuits to achieve
high output signals and high resolution. Finally, there are high-temperature piezo-
ceramics that are used for charge mode accelerometers with temperature ranges over
1000°F (537°C) for monitoring engine manifolds and superheated turbines.

Structures for Piezoelectric Accelerometers

A variety of mechanical configurations are available to perform the transduction prin-
ciples of a piezoelectric accelerometer. These configurations are defined by the nature
in which the inertial force of an accelerated mass acts upon the piezoelectric material.
There are three primary configurations in use today: shear, flexural beam, and com-
pression. The shear and flexural modes are the most common, while the compression
mode is used less frequently, but is included here as an alternative configuration.

Shear Mode

Shear mode accelerometer designs bond, ICP Sensor _
13 . ’” . . Acoustic Circuit App“ed

or “sandwich,” the sensing material Shiold \ Acceleration
between a center post and seismic mass. o SN _ ‘
A compression ring or stud applies a Seismic N Y [iezoslectric
preload force required to create a rigid
linear structure. Under acceleration, the Preload | _
mass causes a shear stress to be ap- Ring \ Lead Wire
plied tq the sensing material. This stress Electrical
results in a proportional electrical output Base I ~/ Connector
by the piezoelectric material. The output b [
is then collected by the electrodes and —

. . . . Threaded
transmitted by lightweight lead wires Mounting
to either the built-in signal conditioning Hole
circuitry of ICP® sensors, or directly Figure 5.2.6: Shear mode accelerometer.

to the electrical connector for a charge

mode type. By isolating the sensing crystals from the base and housing, shear acceler-
ometers excel in rejecting thermal transient and base bending effects. Also, the shear
geometry lends itself to small size, which promotes high frequency response while
minimizing mass loading effects on the test structure. With this combination of ideal
characteristics, shear mode accelerometers offer optimum performance.
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Flexural Mode

Flexural mode designs utilize beam-shaped sensing crystals, which are supported to
create strain on the crystal when accelerated. The crystal may be bonded to a carrier
beam that increases the amount of strain when accelerated. The flexural mode enables
low profile, lightweight designs to Piezoslectric Element

be manufactured at an economical
price. Insensitivity to transverse
motion is an inherent feature of
this design. Generally, flexural
beam designs are well suited for
low frequency, low gravitational
(g) acceleration applications such
as those that may be encountered
during structural testing.

Seismic Mass

— Accelerometer Base

Figure 5.2.7: Flexural mode accelerometer.
Compression Mode
Compression mode accelerometers are simple structures which provide high rigidity.
They represent the traditional or historical accelerometer design.

Upright compression designs sandwich the piezoelectric crystal between a seismic
mass and rigid mounting base. A pre-load stud or screw secures the sensing element
to the mounting base. When the sensor is accelerated, the seismic mass increases or
decreases the amount of compression force acting upon the crystal, and a proportional
electrical output results. The larger the seismic mass, the greater the stress and, hence,
the greater the output.

This design is generally very rugged and can withstand high-g shock levels. How-
ever, due to the intimate contact of the sensing crystals with the external mounting
base, upright compression designs tend to be more sensitive to base bending (strain).
Additionally, expansion and con-

traction of the internal parts act

along the sensitive axis making the Seismic
accelerometer more susceptible Mass
to thermal transient effects. These

effects can contribute to erroneous

output signals when used on thin Electrode = Built-in Electronics
sheet-metal structures or at low
frequencies in thermally unstable
environments, such as outdoors or
near fans and blowers. Figure 5.2.8: Compression mode accelerometer.

Pre-load
Stud

Piezoelectric
Crystal

Signal (+)

Ground (-)
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Piezoresistive Accelerometers

Single-crystal silicon is also often used in manufacturing accelerometers. It is an
anisotropic material whose atoms are organized in a lattice having several axes of
symmetry. The orientation of any plane in the silicon is provided by its Miller indices.
Piezoresistive transducers manufactured in the 1960s first used silicon strain gages
fabricated from lightly doped ingots. These ingots were sliced to form small bars or
patterns. The Miller indices allowed positioning of the orientation of the bar or pattern
with respect to the crystal axes of the silicon. The bars or patterns were often bonded
directly across a notch or slot in the accelerometer flexure. Figure 5.2.9 shows short,
narrow, active elements mounted on a beam. The large pads are provided for thermal
power dissipation and ease of electrical and mechanical connections. The relatively
short web avoids column-type instabilities in compression when the beam bends in
either direction. The gages are subsequently interconnected in a Wheatstone bridge
configuration. This fact that the gages are configured in a bridge indicates that piezo-
resistive accelerometers have response down to DC (i.e., they respond to steady-state
accelerations).

Since the late 1970s we have encountered a continual evolution of microsensors into
the marketplace. A wide variety of technologies are involved in their fabrication. The
sequence of events that occurs in this fabrication process are: the single crystal silicon
is grown; the ingot is trimmed, sliced, polished, and cleaned; diffusion of a dopant
into a surface region of the wafer is controlled by a deposited film; a photolithogra-
phy process includes etching of the film at places defined in the developing process,
followed by removal of the photoresist; and isotropic and anisotropic wet chemicals
are used for shaping the mechanical microstructure. Both the resultant stress distribu-
tion in the microstructure and the dopant control the piezoresistive coefficients of the
silicon.

Electrical interconnection of various controlled surfaces formed in the crystal, as well
as bonding pads, are provided by thin film metalization. The wafer is then separated
into individual dies. The dies are bonded by various techniques into the transducer
housing, and wire bonding connects the metallized pads to metal terminals in the
transducer housing. It is important to realize that piezoresistive accelerometers manu-
factured in this manner use silicon both as the flexural element and as the transduction
element, since the strain gages are diffused directly into the flexure. Figures 5.2.10
and 5.2.11 show typical results of this fabrication process.
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Tension
Gages (2)

Seismic
Mass

Compression
Gages (2)

Figure 5.2.9: Bulk silicon resistors bonded
to metal beam accelerometer flexure.

Through Hole

Sensitive
Axis

iezoresistive
Gage

Figure 5.2.10: MEMS piezoresistive

accelerometer flexure.

The advantages of an accelerometer constructed in this manner include a high stiff-
ness, resulting in a high resonant frequency (®) optimizing its frequency response.

This high resonant frequency is obtained
because the square root of the modulus-to-den-
sity ratio of silicon, an indicator of dynamic
performance, is higher than that for steel. Other
desirable byproducts are miniaturization, large
signal amplitudes (semiconductor strain gages
have a gage factor 25 to 50 times that of metal),
good linearity, and improved stability. If prop-
erly temperature compensated, piezoresistive
accelerometers can operate over a temperature
range of —65 to +250°F. With current tech-
nology, other types of piezoresistive sensors
(pressure) operate to temperatures as high as
1000°F.
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Figure 5.2.11: Multiple MEMS acceler-
ometer flexure containing diffused
and metallized piezoresistive gages in
Wheatstone bridge configuration.



Chapter 5

Capacitive Accelerometers

Capacitive accelerometers are similar in operation to piezoresistive accelerometers, in
that they measure a change across a bridge; however, instead of measuring a change
in resistance, they measure a change in capacitance. The sensing element consists of
two parallel plate capacitors acting in a differential mode. These capacitors operate

in a bridge configuration and are dependent on a carrier demodulator circuit or its
equivalent to produce an electrical output proportional to acceleration.

Several different types of capacitive elements Center Post Washer
exist. One type, which utilizes a metal sens- | Spacers \\ / Electrode (A)
ing diaphragm and alumina capacitor plates,

can be found in Figure 5.2.12. Two fixed ¢ | / |

plates sandwich the diaphragm, creating two
capacitors, each with an individual fixed plate
and each sharing the diaphragm as a movable

lat Mass (m) Base Flexure (k)
prate. Figure 5.2.12: Capacitive sensor
When this element is placed in the Earth’s element construction.

gravitational field or is accelerated due to vibration on a test structure, the spring-
mass experiences a force. This force is proportional to the mass of the spring-mass
and is based on Newton’s Second Law of Motion.

F=ma where F =inertial force acting on spring-mass Eq.5.2.1
m = distributed mass of spring-mass
a = acceleration experienced by sensing element

Consequently, the spring-mass deflects linearly according to the Spring Equation.

X =Flk where X = deflection of spring-mass Eq.5.2.2
k = stiffness of spring-mass

The resulting deflection of the spring-mass causes the distance between the electrodes
and the spring-mass to vary. These variations have a direct effect on each of the op-
posing capacitor gaps according to the following equation.

C,=A;[e/(d+X)] and,

C,=A;[e/(d-X)] where C =element capacitance Eq.5.2.3
Aj = surface area of electrode
€ = permittivity of air

d = distance between spring-mass and electrode
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A built-in electronic circuit is required for proper operation of a capacitive acceler-
ometer. In the simplest sense, the built-in circuit serves two primary functions:

(1) allow changes in capacitance to be useful for measuring both static and dynamic
events, and (2) convert this change into a useful voltage signal compatible with
readout instrumentation.

A representative circuit is shown

in Figure 5.2.13 and Figure 5.2.14,
which graphically depicts operation
in the time domain, resulting from
static measurand input.

8
Y e
Standardization  Low Pass
(Gain) Filter

The following explanation starts
from the beginning of the circuit and
continues through to the output, and
describes the operation of the circuit.

To begin, the supply voltage is routed ]i—— T Tw_ L T»

through a voltage regulator, which

provides a regulated dc voltage to the J/ Iﬂ l J/ J/
circuit. The device assures “clean” 1 2 3 4 5 6 7 8
power for operating the internal Response from Circuit due to applied +1g Static Acceleration
circuitry and fixes the amplitude of (x-axis =time and y-axis = voltage)

a built-in oscillator, which typically Figures 5.2.13 and 5.2.14: Operation of built-
operates at >1 MHz. By keeping the in circuit for capacitive accelerometer.

amplitude of the oscillator signal

constant, the output sensitivity of the device becomes fixed and independent of the
supply voltage. Next, the oscillator signal is directed into the capacitance-bridge as
indicated by Point 1 in Figure 5.2.13. It then splits and passes through each arm of the
bridge, which each act as divider networks. The divider networks cause the oscillator
signal to vary in direct proportion to the change in capacitance in C, and C,. (C, and
C, electrically represent the mechanical sensing element.) The resulting amplitude-
modulated signals appear at Points 2 and 3. Finally, to “demodulate” these signals,
they are passed through individual rectification/peak-picking networks at Points 4 and
5, and then summed together at Point 6. The result is an electrical signal proportional
to the physical input.

It would be sufficient to complete the circuit at this point; however, additional features
are often added to enhance its performance. In this case, a “standardization” ampli-
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fier has been included. This is typically used to trim the sensitivity of the device so
that it falls within a tighter tolerance. In this example, Point 7 shows how this ampli-
fier can be used to gain the signal by a factor of two. Finally, there is a low pass filter,
which is used to eliminate any high frequency ringing or residual affects of the carrier
frequency.

If silicon can be chemically machined and processed as the transduction element in
a piezoresistive accelerometer, it should similarly be able to be machined and pro-
cessed into the transduction element for a capacitive accelerometer. In fact, MEMS
technology is applicable to capacitive accelerometers. Figure 5.2.15 illustrates a
MEMS variable-capacitance ele-
ment and its integration into an
accelerometer. As with the previ-
ously described metal diaphragm
accelerometer, the detection of
acceleration requires both a pair of
capacitive elements and a flexure.
The sensing elements experience

a change in capacitance attribut-
able to minute deflections resulting
from the inertial acceleration Figure 5.2.15: MEMS capacitor plates and
force. The single-crystal nature completed accelerometer with top lid off.

of the silicon, the elimination of

mechanical joints, and the ability to chemically machine mechanical stops, result in

a transducer with a high over-range capability. As with the previous metal diaphragm
accelerometer, damping characteristics can be enhanced over a broad temperature
range if a gas is employed for the damping medium as opposed to silicone oil. A
series of grooves, coupled with a series of holes in the central mass, squeeze gas
through the structure as the mass displaces. The thermal viscosity change of a gas is
small relative to that of silicone oil. Capacitive MEMS accelerometers currently oper-
ate to hundreds of g’s and frequencies to one kHz. The MEMS technology also results
in accelerometer size reduction.

Most capacitive accelerometers contain built-in electronics that inject a signal into the
element, complete the bridge and condition the signal. For most capacitive sensors

it is necessary to use only a standard voltage supply or battery to supply appropriate
power to the accelerometer.
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One of the major benefits of capacitive accelerometers is to measure low level (less
than 2 g’s), low frequency (down to dc) acceleration with the capability of withstand-
ing high shock levels, typically 5,000 g’s or greater. Some of the disadvantages of the
capacitive accelerometer are a limited high frequency range, a relatively large phase
shift and higher noise floor than a comparable piezoelectric device.

Servo or (Force Balance) Accelerometers

The accelerometers described to date have been all “open loop” accelerometers. The
deflection of the seismic mass, proportional to acceleration, is measured directly us-
ing either piezoelectric, piezoresistive, or variable capacitance technology. Associated
with this mass displacement is some small, but finite, error due to nonlinearities in the
flexure. Servo accelerometers are “closed loop” devices. They keep internal deflection
of the proof mass to an extreme minimum. The mass is maintained in a “balanced”
mode virtually eliminating errors due to nonlinearities. The flexural system can be
either linear or pendulous (C2 and C4 electrically represent opposite sides of the
mechanical sensing element.) Electromagnetic forces, proportional to a feedback
current, maintain the mass in a null position. As the mass attempts to move, a capaci-
tive sensor typically detects its motion. A servo circuit derives an error signal from
this capacitive sensor and sends a current through a coil, generating a torque propor-
tional to acceleration, keeping the mass in a capture or null mode. Servo or “closed
loop” accelerometers can cost up to ten
times what “open loop accelerometers”
cost. They are usually found in ranges

of less than 50 g, and their accuracy is
great enough to enable them to be used

in guidance and navigation systems. For
navigation, three axes of servo acceler-
ometers are typically combined with three
axes of rate gyros in a thermally-stabi-
lized, mechanically-isolated package as
an inertial measuring unit (IMU). This
IMU enables determination of the 6-de- O
grees of freedom necessary to navigate in N
space. Figure 5.2.16 illustrates the oper-
ating principal of a servo accelerometer. Figure 5.2.16:

They measure frequencies to dc (0 Hertz)  Typical servo accelerometer construction.
and are not usually sought after for their

high frequency response.
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5.3 Selecting and Specifying Accelerometers

Table 5.3.1 summarizes the advantages and disadvantages of different type of acceler-

ometers along with some typical applications.

Table 5.3.1: Comparison of accelerometer types.

Accelerometer Type

Advantages

Limitations

Typical Applications

|IEPE Piezoelectric
Accelerometer

Wide Dynamic Range
Wide Frequency Range
Durable

(High Shock Protection)
Powered by Low Cost
Constant Current Source

Fixed Output

Less Susceptible to EMI
and RF Interference
Can be Made Very Small
Less Operator Attention,

Training and Installation
Expertise Required

High Impedance Circuitry
Sealed in Sensor

Long Cable Driving without
Noise Increase

Operates into Many Data
Acquisition Devices with
Built-in Constant Current
Input

Operates across Slip Rings
Lower System Cost per
Channel

Limited Temperature
Range

Max Temperature of 175°C
(350°F)

Low Frequency Response
is Fixed within the Sensor

Built in amplifier is exposed
to same test environment
as the element of the
sensor

Modal Analysis

NVH

Engine NVH

Flight testing

Body In White Testing
Cryogenic

Drop Testing

Ground Vibration Testing
HALT/HASS

Seismic Testing

Squeak and Rattle
Helmet and Sport Equip-
ment Testing

Vibration Isolation and
Control

Charge Piezoelectric
Accelerometer

High operating tempera-
tures to 700°C

Wide dynamic Range
Wide Frequency Range
(Durable) High Shock
Protection

Flexible Output

Simpler Design fewer parts
Charge Converter electron-
ics is usually at ambient

condition, away from test
environment

More Care/attention is
required to install and
maintain

High impedance circuitry
must be kept clean and dry

Capacitive loading from
long cable run results in
noise floor increase

Powered By Charge Amp
which can be complicated
and expensive

Need to use Special Low
Noise Cable

Jet Engine

High Temperature
Steam Pipes
Turbo Machinery
Steam Turbine
Exhaust

Brake
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Table 5.3.1: Comparison of accelerometer types (continued).

Highest Accuracy for Low
Level Low Frequency Mea-
surements

High Cost

Fragile, Low Shock Protec-
tion.

Accelerometer Type Advantages Limitations Typical Applications
Piezoresistive DC Response Lower Shock Protection Crash Testing
Accelerometer Small Size Smaller Dynamic Range Flight testing
Shock testing
Capacitive DC Response Frequency Range Ride Quality
Accelerometer Better Resolution than PR | Average Resolution Ride Simulation
Type Accelerometer Bridge Testing
Flutter
Airbag Sensor
Alarms
Servo Accelerometer High Sensitivity Limited Frequency range, Guidance

Applications Requiring little
or no DC Baseline Drift

Table 5.3.2 lists some of the typical characteristics of different sensors types.

Table 5.3.2: Typical accelerometer characteristics.

Accelerometer Frequency | Sensitivity Measurement Dynamic Size/weight
Type Range Range Range

IEPE Piezoelectric 0.5 Hzto .05 mV/g to 0.000001 g’s to ~120 dB .2 Gram to 200 +
Accelerometer 50 000 Hz 10 V/g 100,000 g’s grams
Charge Piezoelec- 0.5 Hzto .01 pC/g to 0.00001 g¢’s to ~110 dB .14 grams to 200 +
tric Accelerometer 50 000 Hz 100 pC/g 100,000 g’s grams
Piezoresistive 0 to10000 0.0001 to 0.001 to ~80 dB 1 to 100 grams
Accelerometer Hz 10 mV/g 100000 g's
Capacitive 0 to 1000 10 mV/g to 0.00005 g’s to ~90 dB 10 grams to 100
Accelerometer Hz 1V/g 1000 g’s grams
Servo 0to 100 Hz 1to 10 V/g <0.000001 g’s >120 dB >50 grams
Accelerometer to10g’s

In order to select the most appropriate accelerometer for the application, you should
look at a variety of factors. First you need to determine the type of sensor response
required. The three basic functional categories of accelerometers are IEPE, Charge
Mode and DC responding. The first two categories of accelerometers, the IEPE and
Charge Mode type of accelerometers, work best for measuring frequencies starting at
0.5 Hz and above. The IEPE is a popular choice, due to its low cost, ease of use and
low impedance characteristics, whereas the Charge Mode is useful for high tempera-
ture applications. There are advantages of each design.

When looking at uniform acceleration, as may be required for tilt measurement, or
extremely low frequency measurements below 1 Hz, capacitive or piezoresistive
accelerometers are a better choice. Both accelerometer types have been designed to
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achieve true 0 Hz (DC) responses. These sensors may contain built-in signal condi-
tioning electronics and a voltage regulator, allowing them to be powered from a 5-30
VDC source. Some manufacturers offer an offset adjustment, which serves to null any
DC voltage offset inherent to the sensor. Capacitive accelerometers are generally able
to measure smaller acceleration levels.

The most basic criteria used to narrow the search, once the functionality category or
response type of accelerometer has been decided, includes: sensitivity, amplitude,
frequency range and temperature range. Sensitivity for shock and vibration acceler-
ometers is usually specified in millivolts per g (mV/g) or picocoulombs per g (pC/g).
This sensitivity specification is inversely proportional to the maximum amplitude that
can be measured (g peak range.) Thus, more sensitive sensors will have lower maxi-
mum measurable peak amplitude ranges. The minimum and maximum frequency
range that is going to be measured will also provide valuable information required
for the selection process. Another important factor for accelerometer selection is the
temperature range. Consideration should be given not only to the temperatures that
the sensor will be exposed to, but also the temperature that the accelerometer will be
stored at. High temperature special designs are available for applications that require
that specification.

Every sensor has inherent characteristics, which cause noise. The broadband resolu-
tion is the minimal amount of amplitude required for a signal to be detected over the
specified band. If you are looking at measuring extremely low amplitude, as in seis-
mic applications, spectral noise at low frequency may be more relevant.

Physical characteristics can be very important in certain applications. Consider-
ation should be given to the size and weight of the accelerometer. It is undesirable
to place a large or heavy accelerometer on a small or lightweight structure. This is
called “mass loading.” Mass loading will affect the accuracy of the results and skew
the data. The area that is available for the accelerometer installation may dictate the
accelerometer selection. There are triaxial accelerometers, which can be utilized to
simultaneously measure acceleration in three orthogonal directions. Older designs
required three separate accelerometers to accomplish the same result, and thus add
weight and require additional space.

Consideration should be given to the environment that the accelerometer will be
exposed to. Hermetically sealed designs are available for applications that will be
exposed to contaminants, moisture, or excessive humidity levels. Connector alterna-
tives are available. Sensors can come with side connections or top connections to ease
cable routing. Some models offer an integrated cable. Sensors with field-repairable
cabling can prove to be very valuable in rough environments.
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Accelerometer mounting may have an effect on the selection process. Most manufac-
turers offer a variety of mounting alternatives. Accelerometers can be stud mounted,
adhesively mounted or magnetically mounted. Stud mounting provides the best stiff-
ness and highest degree of accuracy, while adhesive mounts and magnetic mounting
methods offer flexibility and quick removal options.

There are a wide variety of accelerometers to choose from. More than one will work
for most applications. In order to select the most appropriate accelerometer, the best
approach is to contact an accelerometer manufacturer and discuss the application.
Manufacturers have trained application engineers who can assist you in selecting the
sensor that will work best for your application.

5.4 Applicable Standards

In order to verify accelerometer performance, sensor manufacturers will test various
characteristics of the sensor. This calibration procedure serves to help both the manu-
facturer and the end user. The end user will obtain a calibration certificate to confirm
the accelerometer’s exact performance characteristics. The manufacturer uses this
calibration procedure for traceability, and to determine whether the product meets
specifications and should be shipped or rejected. It can be viewed as a built-in quality
control function. It provides a sense of security or confidence for both the manufac-
turer and the customer.

However, be aware that all calibrations are not equal. Some calibration reports may
include terms such as “nominal” or “typical,” or even lack traceability, or accredited
stamps of approval. With the use of words like “nominal” or “typical,” the manufac-
turer does not have to meet a specific tolerance on those specifications. This helps the
manufacturer ship more products and reduce scrap, since fewer measured specifica-
tions means fewer rejections. While this provides additional profit for a manufacturer,
it is not a benefit to the end customer. Customers have to look beyond the shiny paper
and cute graphics, to make sure of the completeness of the actual measured data con-
tained in each manufacturer’s calibration certificate.

Due to the inconsistency of different manufacturer’s calibration techniques and
external calibration services, test engineers came up with standards to improve the
quality of the product and certification that they receive. MIL-STD-45662 was cre-
ated to define in detail the calibration system, process and components used in testing,
along with the traceability of the product supplied to the government. The American
National Standards Institute (ANSI) came up with its own version of specifications
labeled ANSI/NCSL Z540-1-1994. This ANSI standard along with the International
Organization for Standards (ISO) 10012-1, have been approved by the military as
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alternatives for the cancelled MIL standard. The ANSI Z540-1 and ISO 17025 require
that uncertainty analyses for verifying the measurement process be documented and
defined. Although the ANSI and ISO specifications are more common, the MIL speci-
fication, although cancelled in 1995, is still referenced on occasion.

Years ago, the National Bureau of Standards (NBS) recognized the inconsistencies

in calibration reports and techniques, and developed a program for manufacturers to
gain credibility and consistency. The National Institute of Standards and Technol-
ogy (NIST) replaced the NBS in 1988, as the standard for accelerometer calibration
approval. International compliance can be accredited by other sources. Physikalisch-
Technische Bundesanstalt (PTB) in Germany, and United Kingdom Accreditation
Service (AKAS) in Britain are popular organizations that supply this service. Manu-
facturers can send in their “Reference Sensors” that they utilize in back-to back
testing to NIST or PTB in order to obtain certification from NIST or PTB (or both) to
gain credibility and get the stamp of approval of these organizations.

The International Organization for Standardization initiated its own set of standards.
The initial ISO standards concentrated on the documentation aspects of calibrating
sensors. ISO 10012-1 addressed the MIL-45662 specifications, which added accuracy
standards to the documentation. ISO17025 concentrated on traceability and account-
ability for the calibration work performed by the organization or laboratory, for a
more complete set of standards. ISO standards that accelerometer customers should
look for include:

ISO 9001 — Quality systems for assurance in design, development and production

ISO 10012-1 — Standards for measurement in management systems

ISO 16063-21 — Methods for calibration of vibration and shock transducers

ISO 17025 — General requirements for competence of testing and calibration labo-
ratories

RP-DTEO11.1 — Shock and Vibration Transducer Selection, Institute of Environ-
mental Sciences

Today, end users can purchase with confidence sensors that have traceable certifica-
tions that comply with the standards set by the NIST, PTB, ANSI, ISO and A2LA,
provided that the data on the calibration is complete. The better manufacturers will
reference most, if not all, of the above organizations.
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5.5 Interfacing and Designs

One consideration in dealing with accelerometer mounting is the effect the mounting
technique has on the accuracy of the usable frequency response. The accelerometer’s
operating frequency range is determined, in most cases, by securely stud mounting
the test sensor directly to the reference standard accelerometer. The direct coupling,
stud mounted to a very smooth surface, generally yields the highest mechanical
resonant frequency and, therefore, the broadest usable frequency range. The addition
of any mass to the accelerometer, such as an adhesive or magnetic mounting base,
lowers the resonant frequency of the sensing system and may affect the accuracy and
limits of the accelerometer’s usable frequency range. Also, compliant materials, such
as a rubber interface pad, can create a mechanical filtering effect by isolating and
damping high-frequency transmissibility. A summary of the mounting techniques is
provided below.

Stud Mounting

For permanent installations, where a very secure attachment of the accelerometer to
the test structure is preferred, stud mounting is recommended. First, grind or machine
on the test object a smooth, flat area at least the size of the sensor base, according to
the manufacturer’s specifications. For the best measurement results, especially at high
frequencies, it is important to prepare a smooth and flat, machined surface where the
accelerometer is to be attached. The mounting hole must also be drilled and tapped

to the accelerometer manufacturer’s specifications. Misalignment or incorrect threads
can cause not only erroneous data, but can damage the accelerometer. The manufac-
turer’s torque recommendation should always be used, measured with a calibrated
torque wrench.

Adhesive Mounting

Occasionally, mounting by stud or screw is impractical. For such cases, adhesive
mounting offers an alternative mounting method. The use of separate adhesive mount-
ing bases is recommended to prevent the adhesive from damaging the accelerometer
base or clogging the mounting threads. (Miniature accelerometers are provided with
the integral stud removed to form a flat base.) Most adhesive mounting bases pro-
vide electrical isolation, which eliminates potential noise pick-up and ground loop
problems. The type of adhesive recommended depends on the particular application.
Wax offers a very convenient, easily removable approach for room temperature use.
Two-part epoxies offer high stiffness, which maintains high-frequency response and a
permanent mount.
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Magnetic Mounting

Magnetic mounting bases offer a very convenient, temporary attachment to magnetic
surfaces. Magnets offering high pull strengths provide best high-frequency response.
Wedged dual-rail magnetic bases are generally used for installations on curved sur-
faces, such as motor and compressor housings and pipes. However, dual-rail magnets
usually significantly decrease the operational frequency range of an accelerometer.
For best results, the magnetic base should be attached to a smooth, flat surface.

Probe Tips

Handheld vibration probes or probe tips on accelerometers are useful when other
mounting techniques are impractical and for evaluating the relative vibration charac-
teristics of a structure to determine the best location for installing the accelerometer.
Probes are not recommended for general measurement applications due to a variety
of inconsistencies associated with their use. Orientation and amount of hand pres-
sure applied create variables, which affect the measurement accuracy. This method is
generally used only for frequencies less than 1000 Hz.

Figure 5.5.1 summarizes the changes in the frequency response of a typical sensor us-
ing the various mounting methods previously discussed.
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Figure 5.5.1: Relative frequency response of
different accelerometer mounting techniques.
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Ground Isolation, Ground Noise, and Ground Loops

When installing accelerometers onto electrically conductive surfaces, a potential ex-
ists for ground noise pick-up. Noise from other electrical equipment and machines
that are grounded to the structure, such as motors, pumps, and generators, can enter
the ground path of the measurement signal through the base of a standard acceler-
ometer. When the sensor is grounded at a different electrical potential than the signal
conditioning and readout equipment, ground loops can occur. This phenomenon
usually results in current flow at the line power frequency (and harmonics thereof),
potential erroneous data, and signal drift. Under such conditions, it is advisable to
electrically isolate or “float” the accelerometer from the test structure. This can be
accomplished in several ways. Most accelerometers can be provided with an integral
ground isolation base. Some standard models may already include this feature, while
others offer it as an option. The use of insulating adhesive mounting bases, isola-
tion mounting studs, isolation bases, and other insulating materials, such as paper
beneath a magnetic base, are effective ground isolation techniques. Be aware that the
additional ground-isolating hardware can reduce the upper frequency limits of the ac-
celerometer.

Cables and Connections

Cables should be securely fastened to the mounting structure with a clamp, tape, or
other adhesive to minimize cable whip and connector strain. Cable whip can intro-
duce noise, especially in high-impedance signal paths. This phenomenon is known as
the triboelectric effect. Also, cable strain near either electrical connector can lead to
intermittent or broken connections and loss of data.

To protect against potential moisture and dirt contamination, use RTV sealant or
heat-shrinkable tubing on cable connections. O-rings with heat shrink tubing have
proven to be an effective seal for
protecting electrical connections
for short-term underwater use.
RTYV sealant is generally only used
to protect the electrical connection
against chemical splash or mist.

WRONG!
Cable unfastened.

CORRECT:

Cable fastened with tape or clamp.

Figure 5.5.2: Cable strain relief of accelerometers.
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Latest and Future Developments

Manufacturers are continually trying to develop sensor packages that are smaller and
lighter in weight than previous models. This minimizes mass loading effects and pro-
vides the user with the ability to test smaller and lighter components. Triaxial designs
are becoming more popular and manufacturers have been designing improved ver-
sions of this product. A triaxial accelerometer can take the place of three single-axis
accelerometers. The triaxial accelerometer can measure vibration in three orthogonal
directions simultaneously, in one small lightweight convenient package, with a single
cable assembly.

One of the emerging standards for accelerometers and other sensor types is the IEEE
1451 Smart Transducer Interface. This standard defines the hardware and commu-
nication protocol for interfacing a sensor onto a network. IEEE P1451.4 defines the
architecture and protocol for compiling and addressing non-volatile memory that is
imbedded within an analog measurement sensor. Accelerometers with this built-in
digital memory chip are referred to as TEDS accelerometers. TEDS is an acronym for
Transducer Electronic Data Sheet. TEDS allows the user to identify specific sensors
within a large channel group, or determine output from different sensors at multiple
locations very easily. TEDS can provide the user with technical information on the
particular sensor. For instance, Model Number, Serial Number, Calibration Date

and some technical specifications can be retrieved from each individual sensor that

1s TEDS compliant. Sensitivity specifications from calibration reports can be read
through the TEDS and compensated for, so that the data acquisition system or readout
can generate more accurate information.

With the need for high temperature models, manufacturers have been concentrating
on developing new designs that will make accurate measurements in the most severe
environments. End users have had requirements for sensors that can operate in colder
and hotter temperatures than the standard accelerometers are specified for. As long as
customers come up with new and unique applications, manufacturers will try to come
up with products to satisfy their requirements.

The most exciting development that is likely to occur over the next decade is plac-

ing an analog-to-digital converter (ADC) directly inside the accelerometer. This will
enable the accelerometer to provide digital output. Accelerometers enhanced with this
type of output will be able to have features such as 24-bit ADC, wireless transmission,
built-in signal processing, and the ability to be accessed over the world wide web.
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CHAPTER 6

Biosensors

Young H. Lee and Raj Mutharasan,
Department of Chemical Engineering, Drexel University

6.1 Overview: What Is a Biosensor?

Biosensor = bioreceptor + transducer. A biosensor consists of two components:

a bioreceptor and a transducer. The bioreceptor is a biomolecule that recognizes

the target analyte, and the transducer converts the recognition event into a measur-
able signal. The uniqueness of a biosensor is that the two components are integrated
into one single sensor (Figure 6.1.1). This combination enables one to measure the
target analyte without using reagents (Davis et al, 1995). For example, the glucose
concentration in a blood sample can be measured directly by a biosensor made spe-
cifically for glucose measurement, by simply dipping the sensor in the sample. This
is in contrast to the commonly

performed assays, in which ANALYTE
many sample preparation steps \
are necessary and each step ma MEASURABLE
require a rea};ent to treat tkf)e ’ TRANSDUCER = siona
sample. The simplicity and the

speed of measurements that re-

quire no specialized laboratory BIORECEPTOR
skills are the main advantages Figure 6.1.1: Biosensor configuration.
of a biosensor.

Enzyme is a Bioreceptor. When we eat food such as hamburgers and french fries,

it is broken down into small molecules in our body via many reaction steps (these
breakdown reactions are called catabolism). These small molecules are then used to
make the building blocks of our body, such as proteins (these synthesis reactions are
called anabolism). Each of these catabolism and anabolism reactions (the combina-
tion is called metabolism) are catalyzed by a specific enzyme. Therefore, an enzyme
is capable of recognizing a specific target molecule (Figure 6.1.2). This biorecogni-
tion capability of the enzyme is used in biosensors. Other biorecognizing molecules
(= bioreceptors) include antibodies, nucleic acids, and receptors.
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Immobilization of Bioreceptor. One ma- s SIGNAL
. . . . [ TR TR
jor requirement for a biosensor is that the >
bioreceptor be immobilized in the vicin- /
ity of the transducer. The immobilization "
is done either by physical entrapment or o
: : T~ NO SIGNAL
chemical attachment. Chemical attach- AL
ment often involves covalent bonding to
IMMOBILIZE

transducer surface by suitable reagents. A
comprehensive treatment of immobiliza-
tion is available in Hermanson (1996). It
is to be noted that only minute quantities of bioreceptor molecules are needed, and
they are used repeatedly for measurements.

Figure 6.1.2: Specificity of biosensor
(TR: transducer).

Transducer. A transducer should be capable of converting the biorecognition event
into a measurable signal (Figure 6.1.3). Typically, this is done by measuring the
change that occurs in the bioreceptor reaction. For example, the enzyme glucose
oxidase is used as a bioreceptor in a glucose biosensor that catalyzes the following
reaction:

Glucose Oxidase

Glucose + O, » Gluconic acid + H,0,

To measure the glucose in aqueous

solutions, three different transducers Glucose + O, —ucose OXidase | o, onic acid + Hz0,
can be used:

1. An oxygen sensor that mea-
sures oxygen Concentration’ a Glucose /—> Immobilized Glucose Oxidase
result of glucose reaction A\

Measures oxygen consumption
O, Sensor ¥o P

2. A pH sensor that measures the
acid (gluconic acid), a reaction

2
product of glucose E
&

M i ti
pH Sensor easures acid production

3. A peroxidase sensor that mea-
sures H,O, concentration, a
result of glucose reaction

H,0, Sensor Measures H,O, production

Note that an oxygen sensor is a Figure 6.1.3: Three possible transducers
transducer that converts oxygen con- for glucose measurement.
centration into electrical current. A pH

sensor is a transducer that converts pH change into voltage change. Similarly, a per-
oxidase sensor is a transducer that converts peroxidase concentration into an electrical
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current. An excellent review of glucose sensing technologies was reported by Wilkins
and Atansov (1996).

Biosensor Characteristics. Biosensors are characterized by eight parameters. These
are: (1) Sensitivity is the response of the sensor to per unit change in analyte con-
centration. (2) Selectivity is the ability of the sensor to respond only to the target
analyte. That is, lack of response to other interfering chemicals is the desired feature.
(3) Range is the concentration range over which the sensitivity of the sensor is good.
Sometimes this is called dynamic range or linearity. (4) Response time is the time
required for the sensor to indicate 63% of its final response due to a step change in
analyte concentration. (5) Reproducibility is the accuracy with which the sensor’s out-
put can be obtained. (6) Detection limit is the lowest concentration of the analyte to
which there is a measurable response. (7) Life time is the time period over which the
sensor can be used without significant deterioration in performance characteristics.
(8) Stability characterizes the change in its baseline or sensitivity over a fixed period
of time.

Considerations in Biosensor Development. Once a target analyte has been identi-
fied, the major tasks in developing a biosensor involve:

1. Selection of a suitable bioreceptor or a recognition molecule
2. Selection of a suitable immobilization method

3. Selection and design of a transducer that translates binding reaction into
measurable signal

4. Design of biosensor considering measurement range, linearity, and
minimization of interference, and enhancement of sensitivity

5. Packaging of the biosensor into a complete device

The first item above requires knowledge in biochemistry and biology, the second and
third require knowledge in chemistry, electrochemistry and physics, and the fourth
requires knowledge of kinetics and mass transfer. Once a biosensor has been de-
signed, it must be packaged for convenient manufacturing and use. The current trend
is miniaturization and mass production. Modern IC (integrated circuit) fabrication
technology and micromachining technology are used increasingly in fabricating bio-
sensors, as they reduce manufacturing costs. Therefore, an interdisciplinary research
team, consisting of the various disciplines identified above, is essential for successful
development of a biosensor.
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Table 6.1.1: Considerations for biosensor development.

Selection of a suitable biorecognition entity
Selection of chemical immobilization method

Selection and design of a suitable transducer

Designing of biosensor for measurement range, linearity,
and minimization of interference

Packaging of biosensor into a complete unit

6.2 Applications of Biosensors

Health Care

Measurement of Metabolites. The initial impetus for advancing sensor technology
came from the health care area, where it is now generally recognized that measure-
ments of blood chemistry are essential and allow a better estimation of the metabolic
state of a patient. In intensive care units, for example, patients frequently show rapid
variations in biochemical composition and levels that require urgent remedial ac-
tion. Also, in less severe patient handling, more successful treatment can be achieved
by obtaining instant assays. At present, available instant analyses are not extensive.
In practice, these assays are performed by analytical laboratories, where discrete
samples are collected and shipped for analysis, frequently using the more traditional
analytical techniques.

Market Potential. There is an increasing demand for inexpensive and reliable sen-
sors for use in doctor’s offices, emergency rooms, and operating rooms. Ultimately,
patients themselves should be able to use biosensors in the monitoring of a clinical
condition, such as diabetes. It is probably true that the major biosensor market may
be found where an immediate assay is required. If the costs of laboratory instrument
maintenance are included, then low-cost biosensor devices can be desirable in the
whole spectrum of analytical applications from hospital to home.

Diabetes. The “classic” and most widely explored example of closed-loop drug
control is found in the development of an artificial pancreas. Diabetic patients have a
relative or absolute lack of insulin, a polypeptide hormone produced by the beta cells
of the pancreas, which is essential for glucose uptake. Lack of insulin secretion causes
various metabolic abnormalities, including higher than normal blood glucose levels.
In patients who have lost insulin-secreting islets of Langerhan, insulin is supplied by
subcutaneous injection. However, fine control is difficult to achieve and hyperglycae-
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mia is often encountered. Further, even hypoglycaemia is sometimes induced, causing
impaired consciousness and the serious long-term complications to tissue associated
with this intermittent low glucose condition.

Insulin Therapy. Better methods for the treatment of insulin-dependent diabetes have
been sought and infusion systems for continuous insulin delivery have been developed
(Hall, 1991). However, regardless of the method of insulin therapy, its induction must
be made in response to information on the current blood glucose levels in the patient.
Three schemes are possible (Figure 6.2.1), the first two dependent on discrete manual
glucose measurement and the third a “closed-loop” system, where insulin delivery is
controlled by the output of a glucose sensor which is integrated with the insulin in-
fuser. In the former case, glucose is estimated based on analysis of finger-prick blood
samples with a colorimetric test strip or more recently with an amperometric pen-

size biosensor device by the patients themselves. Clearly, these diagnostic kits must
be easily portable, simple to use and require minimal skill and easy interpretation.
However, even with the ability to monitor current glucose levels, intensive conven-
tional insulin therapy requires multiple daily injections. This open-loop approach does
not anticipate insulin dosage due to changes in diet and exercise. For example, it was
shown that administration of glucose by subcutaneous injection, 60 minutes before a
meal provides the best glucose/insulin management.

Glucose measurement Insulin administration Advantages Disadvantages
Multiple
injection Available without implants Frequent glucose
2 measurement
Glucose test device  (a) 2
I | I I I I I I 3 Inexpensive Multiple injection
®) £9 No fine control
Artificial pancreas ~ 2 G
—patient activated = =

Insulin
pump @ No multiple injections Frgqugnt glucose measuremen.t
Artificial pancreas must be carried

Susceptible to blocking and malfunction

—_
Insulin delivery

profile

Artificial pancreas
Implanted —automatic feedback
glucose operation

sensor o
No external Artificial pancreas
(© glucose measurement must be carried

el

[

=

3 Auto compression for Susceptible to blocking and malfunction
Lo exercise, diet, etc.

SE

23

Figure 6.2.1: Schemes for 